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Zusammenfassung

Die in modernen Freien-Elektronen-Lasern erzeugte Synchrotronstrahlung mit
immer kürzer werdender Wellenlänge von bis zu 6 nm und einer Pulsdauer von
100 fs erfordert eine immer höhere Stabilität der Energie und Ankunftszeit des
Elektronenstrahls am Eingang des am Ende der Beschleunigungskette befind-
lichen Undulators. Gleichzeitig ergeben sich durch die immer weiter ansteigenden
Geschwindigkeiten der digitalen Verarbeitungssysteme und Datenerfassung neue
Möglichkeiten für die digitale Hochfrequenzregelung und Felddetektion.

In der vorliegenden Arbeit wird die Entwicklung eines Mehrkanalhochfre-
quenzfelddetektors für die Hochfrequenzregelung der supraleitenden Beschleuni-
gungsstrukturen des Freien Elektronen Lasers in Hamburg (FLASH) beschrieben.
Das hierfür verwendete Verfahren des IF Sampling gilt als bekannt und wird bere-
its in vielen Bereichen der digitalen Datenübertragung angewendet. Es soll hin-
sichtlich seiner Anwendbarkeit für die Hochfrequenzregelung untersucht werden.

Zur Bestimmung der Anforderungen an die Messgenauigkeit des zu entwick-
elnden Felddetektors wurden analytische und numerische Untersuchungen zum
Rauschverhalten und -transport im Regelkreis durchgeführt. Hierzu wurden
vereinfachte Modelle zum Rauschverhalten der einzelnen Systemkomponenten
im Regelkreis, wie z.B. Verstärker, Hochfrequenzmischer und Analog-Digital-
Wandler, aufgestellt und anschliessend als Modell des Regelkreises zusammen-
gestellt.

Aufgrund der Anwendung einer Vektorsummenregelung, bei der mehrere einzeln
gemessene Feldvektoren zu einer Vektorsumme addiert werden, ergeben sich An-
forderungen bezüglich des zulässigen Kompressionsfehlers des Detektors durch
Nichtlinearitäten, die ebenfalls analytisch und numerisch untersucht wurden.

Aus den Ergebnissen der Simulation wurden Spezifikationen für die zu en-
twickelnde Hardware aufgestellt. Bei der Entwicklung des Hochfrequenzfeldde-
tektors wurde ein EMV-gerechtes, modulares Konzept mit einer rein passiven
Eingangsstufe und den zur Verbesserung des Signal-Rausch-Abstandes benötigten
hohen Signalpegeln zugrunde gelegt.

Die anschliessenden Tests im Labor ergaben für die Messgenauigkeit des Feld-
detektors die geforderten Werte, während die Linearität des Detektors ausser-
halb der Spezifikation lag. Bei der Anwendung des Detektors im Regelkreis am
Beschleuniger zeigten sich deutliche Abweichungen von den Messergebnissen im
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Labor. Tieffrequentes Rauschen (1/f-Rauschen) des Detektors sowie des ver-
wendeten Lokaloszillators verhindern eine Langzeitstabilisierung des Beschleuni-
gungsfeldes.



Abstract

Modern free electron lasers produce synchrotron radiation with constantly short-
ening wavelengths of up to 6 nm and pulse widths of up to 100 fs. That requires a
constantly increasing stability of the beam energy and arrival time of the electron
beam at the undulator entrance which is situated at the end of the accelerator.
At the same time, the increasing speed of digital signal processing and data ac-
quisition facilitates new possibilities for the digital radio frequency control and
field detection.

In this thesis the development of a multichannel radio frequency field detector
for the low level radio frequency (LLRF) control of the superconducting cavities of
the Free-Electron Laser at Hamburg (FLASH) is described. The applied method
of IF sampling is state of the technology and is utilized in many areas of digital
communication. It is evaluated concerning its applicability for the LLRF control.

Analytical and numerical investigations of the noise behavior and transport
in the control loop have been accomplished to define the requirements for the
measurement accuracy of the field detector that was to be developed. Therefore,
simplified models of the noise behavior of each system component of the control
loop, e.g. amplifier, radio frequency mixer and analog-to-digital converter, were
established and subsequently assorted to a the model of the control loop.

Due to the application of the vectorsum control, where several separately
measured field vectors are added to a vectorsum, requirements concerning the
allowable compression error of the detector nonlinearity were defined. These
were investigated by analytical and numerical methods, as well.

Requirements for the hardware that was to be developed were compiled from
the simulation results. For the development of the field detector, a modular and
EMC-compatible concept with a high-level passive front-end for an improvement
of the signal-to-noise ratio was chosen.

The following tests in the lab delivered the required values for the measure-
ment accuracy of the field detector, while the detector linearity was outside the
specification. The application of the detector in the control loop at the accel-
erator showed noticable deviation from the measurement results reached in the
lab. Low frequency noise (1/f-noise) of the detector and the used local oscillator
generation set-up prevent a long time stabilization of the accelerating field.
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Chapter 1

Introduction

The necessity for a control of the high frequency electro-magnetic field of the su-
perconductive cavity is deduced from the requirements of the accelerated electron
beam. The energy stability of the electron beam is dependent on the stability
of the accelerating voltage. The requirements of the energy stability and the
peak current of the electron beam at the entrance of the undulator at the end
of the accelerator originate from the dependency of the generation process of the
x-ray (SASE) in the undulator on the beam energy and its distribution. Further
requirements follow from the first bunch compression behind the injector at the
beginning of the accelerator and from the required stability of the arrival-time of
the laser pulses at the output of the undulator for experiments with an additional
synchronized (pump-probe) laser.

The Free-Electron Laser at Hamburg (FLASH) is operated in a pulsed mode
with gradients of the cavity field of up to 25MV/m and an RF pulse length of
1-2ms with a repetition rate of 5-10Hz. Due to Lorentz forces, which act onto
the cavity wall caused by the high gradient of the pulsed RF field, mechanical
deformations of the cavity occur. A gradient of 25MV/m leads to mechanical
deformation of 1µm which corresponds to a change of the resonance frequency of
one bandwidth of the cavity (300Hz). These reversible mechanical deformation
leads to predictable detuning of the resonance frequency of one bandwidth during
one RF pulse. Microphonic effects cause stochastical and periodic detuning with
a bandwidth of up to 1 kHz, which result in pulse-to-pulse f luctuations of the
center frequency. Changes of the resonance frequency lead to fluctuations of
the accelerating voltage in amplitude and phase because of the fixed operating
frequency at 1.3GHz and the high loaded quality factor of the cavity of 3 · 106.

The beam requirements lead to a required stability of the accelerating voltage
for the injector linac in front of the first bunch compressor of 10−4 (0.01%) in
amplitude and 10−4 rad (0.01◦) in phase.

The implemented Low-Level radio frequency (LLRF) control is a digital vec-
torsum control based on a driven feedback scheme, where the complex sum of
8 (up to 32) cavities is controlled by one LLRF system. The advantage of the
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2 CHAPTER 1. INTRODUCTION

digital control is the possibility of a flexible configuration of control algorithms,
like adaptive feedforward or implementation of a MIMO-controller and the calcu-
lation of the vectorsum. Disadvantages are the limited resolution of the required
discretization by analog-to-digital converters and the latency of the digital sys-
tem.

Due to microphonics in the range of 1◦, a minimum feedback gain in the range
of 100 is needed to reach the required stability of 0.01◦. The required field stability
demands a measurement accuracy of the field detector of 10−4 in amplitude and
0.01◦ in phase with the specific condition of the vectorsum control of 8 cavities.
The limiting effects of the vectorsum control are the limited resolution of the
analog-to-digital conversion, slow drifts of the phase shift in cables and detectors,
and the calibration of the vectorsum. The application of a vectorsum control
requires a higher linearity of the detector than the application of a single cavity
control.

The subject-matter of this thesis is the development of a low noise and linear
multi channel RF field detector to detect and control the vectorsum of the accel-
erating voltage of 8 cavities with an accuracy of 10−4 in amplitude and 0.01◦ in
phase.

In chapter 2 a short summary of the LLRF system at FLASH is presented
and an overview of the behavior of the superconductive cavity is given.

Because of the limited measurement accuracy of the field detector due to noise,
models for the noise description of the control loop components are derived in
the first part of chaper 3. Afterwards, a simplified model of the control loop is
defined and simulations are done for investigations of the noise transport and
behavior within the control loop. At the end of chapter 3, the impact of detector
linearity on measurement accuracy is discussed, with the attention of the usage
of a vectorsum control.

In chapter 4, the requirements for the RF field detector are determined, based
on the required measurement accuracy and linearity. Feasible concepts for RF
field detection are presented and compared. Furthermore an algorithm for a
digital quadrature demodulation is presented.

The development of an RF field detector based on the IF sampling concept is
presented in chapter 5. At the end of this chapter, a feasible optimization of the
IF sampling detector is discussed.

Chapter 6 presents characterization and measurement results of the RF field
detector presented in chapter 5. The characterization in the laboratory is focussed
on the noise and linearity performance and the feasibility and applicability of the
IF sampling scheme for the chosen operating frequencies. In the second part,
the detector is used as multichannel field detector of the vectorsum control loop
for one ACC-module at FLASH. To verify the quality of the field control with
the new developed multichannel field detector, the stability of the accelerating
voltage of the cavities and the energy stability of the electron beam are measured
as function of the loop gain.



Chapter 2

LLRF System at FLASH

The linear accelerator of the Free-Electron Laser in Hamburg (FLASH), formerly
known as Tesla Test Facility (TTF) or Vacuum Ultra Violet Free-Electron Laser
(VUV-FEL), is used as a prototype and test facility for investigations and devel-
opments for the new European XFEL in Hamburg and the International Linear
Collider (ILC). Furthermore FLASH is a user facility for research programs of
medicine, biology, and material sience.

Figure 2.1: Layout of the FLASH facility

The layout of the FLASH facility is depicted in Fig. 2.1. In the RF gun, the
electron bunches are generated by a pulsed laser which produces free electrons by
the photo-effect. The pulsed laser is focussed on a photo cathode and liberates
electrons with a repetition rate of 1MHz. The electrons are accelerated with a
gradient of up to 45MV/m in a 11

2
-cell copper cavity. At the output of the RF

gun, the energy of the electron bunches is up to 5MeV. In the following supercon-
ductive accelerating module (ACC-module), the electron bunches are accelerated
’off-crest’ (section 2.5) to an energy of up to 127MeV at field gradients ranging
from 12 to 24MV/m for adiabatic acceleration. Due to the ’off-crest’ acceler-
ation, an energy profile is impressed on the electron bunches, which is used to
achieve a longitudinal compression within the bunch compressor (BC2), which
leads to a peak current up to 2.5 kA [1]. Within the subsequent ACC-modules
with field gradients of 25MV/m, the electron bunches can be accelerated to an
energy of up to 1GeV. The interjacent diagnostic sections are used to measure
parameters like energy, charge, arrival-time or shape of single bunches or bunch

3



4 CHAPTER 2. LLRF SYSTEM AT FLASH

trains, and to determine the influence of the properties on the ACC-modules to
the measured beam parameters [2]. In the undulator, a structure with consecu-
tive and alternating magnets, the pulsed laser light with a wavelength of down to
7 nm is generated by the SASE process [3]. The laser light is distributed to the
experimental hall, where users from different research areas like material research,
biology, or chemistry carry out their experiments [4].

2.1 The LLRF System

In the LLRF system at FLASH (Fig. 2.2), the vectorsum of the accelerating field
vectors of the ACC-modules consisting of 8 (16, 24, or 32) superconducting nine
cell resonators (cavities) has to be stabilized in amplitude and phase to a given
set point. Therefore the electrical field vector of each single cavity is picked up
with a probe antenna, converted to a lower intermediate frequency (IF) by an
RF detector, and digitized in an analog-to-digital converter (ADC).

In the digital controller, the real and imaginary part of the individual field
vector is calculated and calibrated by rotation matrices. A control algorithm
compares the sum of the measured field vectors with a set point and calculates
an error vector, which is minimized by changing the incident field vector of the
cavities by an actuator. The actuator is an RF vector modulator, which is driven
by the in-phase (I) and quadrature (Q) values generated by a digital-to-analog
converter (DAC). At the controller output, an additional rotation matrix is im-
plemented for loop phase und system gain adjustments. A high power chain with
preamplifiers, klystron, and a waveguide distribution system provides the RF in-
put for each cavity. For the high power phase adjustment, the incident phase of
each single cavity can be changed separately by 3-stub tuners ([5]) in the waveg-
uide distribution system, while the amplitude of each cavity is adjusted by the
coupling.

A reference and timing system delivers the local oscillator signal for the RF
detectors and actuator, the clock signal for the ADC and DAC, and the trigger
signals for the synchronisation of different events in the system (switch on high
voltage of the modulator, starting point of RF pulse, timing of the beam, etc.).
Furthermore the reference distribution system provides a set of frequencies for
the whole accelerator and experiments at the end of the machine (RF gun laser,
pump-probe laser, diagnostic, etc.)[6].

The linac of the user facility FLASH is operated in a pulsed mode with an RF
pulse width of 1300µs and a repetition rate of 5 to 10Hz. The pulse structure
can be separated into three sections (Fig. 2.3), filling (500µs), flat top (800µs),
and decay. During the filling, the cavity is driven by a constant generator forward
power, while the cavity voltage increases exponentially. During the flat top, the
cavity field is kept constant and the beam is injected into the ACC-modules. The
electron beam is separated into 800 bunches with a repetition rate of 1MHz. If



2.1. THE LLRF SYSTEM 5

Figure 2.2: Functional block diagram of the LLRF system for the ACC-modules
at FLASH
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Figure 2.3: RF pulse structure with beam pattern

the beam is injected and accelerated, it extracts energy from the cavity field. For
compensation, the forward power of the generator is increased to drive the cavity
after each bunch has passed to the previous level. At the end of the pulse, the
generator is switched off and the cavity field decays exponentially.

2.2 Vectorsum Control

The principle of vectorsum control is based on the fact that the energy gain of the
beam is a result of the integral over the accelerating voltage along the accelerating
route. This is emulated in the controller by measuring the field vector of each
single cavity in one ACC-module and by calculating the vectorsum to get the
accelerating voltage vector of the whole ACC-module. The control loop acts onto
this vectorsum and keeps it constant, while each single cavity field within the
vectorsum can fluctuate.

The vectorsum control has been chosen to reduce the cost for the LLRF
system. One high power klystron (5 to 10MW) and LLRF system for 8 or more
cavities is significantly cheaper than one low power klystron (200 kW) and LLRF
system for each cavity.

2.3 Nine Cell Resonator

The plant of the LLRF control loop is a nine cell resonator [7], called cavity, which
can be modeled as parallel coupled LCR-circuits. Due to these coupled cells, the
resonator has nine normal modes, called pass band modes (Fig 2.5), while each
mode is named by the phase shift from cell to cell. The width of this pass band is
around 30MHz, while the highest mode is at 1.3GHz, which is the accelerating
mode. It is called π-mode, because the phase shift between two subsequent cells
is 180◦ = π. The next mode is the 8/9π-mode, which is approximately 800 kHz
below the π-mode.

As depicted in Fig. 2.6, the generator is coupled via a transmission line with
reference impedance Z0 = 50 Ω and an ideal transformer, which models the high



2.3. NINE CELL RESONATOR 7

Figure 2.4: Picture of the cavity

Figure 2.5: Spectrum of the pass band modes of the cavity. The π-mode is the
accelerating mode for the beam.
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power coupling from the waveguide to the cavity [8]. The coupling factor β is used
to adjuste the efficient power transfer to the beam. It depends on the winding
ratio N of the transformer.

β =
R

N2Z0

=
R

Zext

(2.1)

The cavity is loaded by an additional resistive load Zext.

1

RL
=

1

R
+

1

Zext
(2.2)

For superconducting cavities with Q0 = 109 ≫ QL, the coupling factor β is in the
range of 103 to 104. The beam is modeled as a current source. The cavity acts

Figure 2.6: Coupling of the generator and beam to the equivalent circuit of the
cavity.

as a high quality bandpass filter with a center frequency of ω0 = 1.3GHz and a
3 dB-bandwidth of ω1/2 = 2π · 216Hz. The loaded quality factor is QL = 3 · 106,
which is determind by the coupling factor β.

QL =
Q0

1 + β
(2.3)

The differential equation of the LCR-resonant circuit

V̈ (t) +
1

RLC
V̇ (t) +

1

LC
V (t) =

1

C
İ(t) (2.4)

delivers the amplitude and phase response

V̂ =
RLÎ0

√

1 +
[
RL ·

(
1

ωL
− ωC

)]2

Φ = arctan

(

RL ·
(

1

ωL
− ωC

))

. (2.5)
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With the cavity bandwidth ω1/2 and the detuning ∆ω = ω0 − ω, it can be sim-
plified to express the gain and phase shift

GV =
1

√

1 +
(

∆ω
ω1/2

)2

Φ = arctan
∆ω

ω1/2

(2.6)

as function of the detuning ∆ω. Detuning is achieved by varying the resonance
frequency ω0 by mechanical disturbances instead of changing the generator fre-
quency ω. The angle Φ is called the detuning angle.

Figure 2.7: Transient behavior of a cavity with constant input power and different
detuning ∆ω. Vr and Vi are the real and imaginary amplitude of the complex
voltage vector. The dotted circle indicates the steady-state as function of the
detuning angle Φ. [8]

Because the cavity is a high quality resonator, the transient behavior has to
be considered. The derivation can be found in [8] and [9]. The results can be
summarized in the state-space equation

d

dt

(
Vr

Vi

)

=

(
−ω1/2 −∆ω
∆ω −ω1/2

)

·
(
Vr

Vi

)

+

(
RLω1/2 0

0 RLω1/2

)

·
(
Ir
Ii

)

(2.7)

with the field vector of the cavity

~V =

(
Vr

Vi

)

(2.8)
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described by its real (r) and imaginary (i) part, and the driving current

~I =

(
Ir
Ii

)

(2.9)

which describes the generator and the beam current. Due to mechanical distur-
bances, the detuning ∆ω in the first matrix is a function of time and dependent
on the amplitude of the field vector ~V .

2.4 Mechanical Disturbances

Microphonics are mechanical vibrations which are acting onto the cavity, due to
the mechanical structure of the ACC-module. These disturbances originate from
different sources like vibrations of the vacuum and helium pumps, or ground
vibration due to traffic or ground motions. Because of the high quality of the
resonator, small vibrations are already visible as phase changes of the field vector
of the cavity. Vibrations are changing the geometric structure of the cavity and
therefore the resonance frequency. The time scale of these disturbances is up to
a few milliseconds, which results in RF pulse to pulse fluctuations [10].

Figure 2.8: Detuning of the resonance frequency due to Lorentz force in one pulse
(measured and modeled)(right); Histogram of the detuning due to microphonics
from pulse to pulse (left); [8]

A further source of disturbance is the Lorentz-force detuning (LFD). While mi-
crophonics are stochastically distributed errors, LFD is strongly repetitive. Due
to the high electrical field strength in the resonator cells, the mechanical structure
of the cavity is deformed and therefore the resonance frequency is changed. A
gradient of 25MV/m leads to mechanical deformation of 1µm which corresponds
to a change of the resonance frequency of one bandwidth of the cavity (300Hz).
For compensation of the detuning due to Lorentz force by the feedback loop, an
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extra power of 25% of the klystron is needed. The pulsed structure of the driving
signal from the generator and a mathematical model of the deformation process
allows to predict and compensate the detuning of the cavity due to Lorentz-force
in the controller by adaptive feedforward [11], [9]. The microphonics are stochas-
tical errors, which can only be reduced by the control loop.

Figure 2.9: Principle of RF control. The change of the resonance frequency from
ω0(t0) to ω0(t1) results in a decreasing amplitude at the operating frequency ωRF.
This is compensated by increasing the input power by the control system, while
the phase at ωRF has to be shifted, too. [8]

All these disturbances lead to a varying resonance frequency. As depicted in Fig.
2.9, the amplitude and phase of the cavity voltage change. The control loop has
to reduce these changes by increasing the input power and/or changing the phase
of the incident wave.

Another method to suppress the effects of Lorentz-force detuning is the uti-
lization of an active vibration damping by a piezoelectric actuator. This actuator
then acts during the RF pulse against the deformation of the cavity [12].

2.5 Acceleration of the Beam

The accelerating voltage which acts onto the beam consists of

Vacc(t) = Vcav · cosϕb = Vcav · cos(ωtb) (2.10)

with the beam phase ϕb. It is defined by the time difference between the instants,
when the field has its maximum and when the beam goes through the cavity. At
a beam phase of ϕb = 0◦, the beam passes the cavity when the gradient in the
cavity is maximum. This point of maximal acceleration is called ’on-crest’. In
the first module, the beam is accelerated 10◦ to 20◦ ’off-crest’ to induce a bunch
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Figure 2.10: Definition of beam phase; on-crest and off-crest

energy profile which is required for a longitudinal compression of the bunch in the
bunch compressor section. It is used to achieve the required high peak current
of 2 kA [1]. Variations in the amplitude of the accelerating voltage lead to an
intra bunch and bunch-to-bunch energy spread of the beam. With a beam phase
of 10◦ to 20◦, variations of the phase lead to an energy spread, too. An energy
stability of σE/E = 10−4 is required [9]. Additionally, the bunch arrival time at
the end of the linac has to be stabilized down to variations of just 100 fs (the
order of the bunch length) to guarantee a synchronization with a pump-probe
laser for further experiments [13]. The required amplitude and phase stability of
the vectorsum are 0.01% and 0.01◦ respectively.



Chapter 3

Theoretical Background and

Simulation

For an analysis of the noise sources of the LLRF system, a uniform description
of noise generation and transport in the signal chain has to be found. Based on
the noise theory for linear time invariant (LTI) systems and networks, a system
level description for the noise transfer in the subsystems of the LLRF system
is derived. A detailed short summary of the underlying theory can be found in
textbooks about noise in LTI systems [14], [15]. Based on this description and on
the basics of control theory, a system noise model of the simplified LLRF system
for amplitude and phase noise is developed and applied to measurement data. As
a result of this modeling, the behavior of the LLRF system and the influence of
each subsystem on system behavior are investigated. The results are summarized
in a noise budget for each subsystem.

3.1 Noise Modeling

There are three methods to describe noise in LTI systems. These methods are
the noise factor, the equivalent input noise, or the signal-to-noise ratio (SNR).
The application of these three methods is derived from the amount of available
information about the noise source, the noisy system, the frequency dependency
and/or correlation.

One of the most common used parameters for noisy linear networks, especially
in RF applications, is the noise factor F , which describes the degradation of the
SNR from the network input to the output. It is a scalar and integral measure,
which is defined for a certain bandwidth, and it is dependent on the source
impedance of the linear network [16]. The noise factor has no information about
correlation or frequency distribution. The latter can be handled by defining a
frequency dependent noise factor F (f) which is defined for each frequency band
of 1Hz width.

13
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A further noise description, which is used for operational amplifiers, is the
equivalent input or output noise, which can be defined as an equivalent voltage,
current, or power spectral density. For this measure, a frequency dependent
correlation coefficient γ(f) can be defined, which describes the similarity of two
noisy signals [17].

The description of the SNR is commonly used in ADC applications. It de-
scribes the ratio of the signal power to the integrated noise power over a given
bandwidth, typically the first Nyquist band (0Hz up to half of the sampling rate)
[18], at the input of the ADC.

In the following, the derivation of the relation between the noise factor and
the equivalent input noise is presented. In Fig. 3.1 (top), a noisy LTI system

Figure 3.1: Top: Noisy network, described by transfer function H(s) and noise
factor F . The input of the network is matched to the reference impedance Z0;
Bottom: Noiseless network with additive equivalent input noise source Sin(f)

with transfer function H(s) is shown. The internal noise sources are described by
the noise factor F , and an equivalent circuit can be found where all these internal
noise sources are combined in one additive noise source outside the linear network,
while the residual network is noiseless (Fig. 3.1 (bottom)). If the linear network
is assumed to be matched to the source impedance Zin = Z∗

0 , the signal and noise
power at the input of the linear network are equal to the available power of the
source. The network and the source are assumed to be at the same temperature
T0 = 290K. At the input of the linear network, the available signal power is Pin

and the noise power is Nin, while the available output signal power is Pout and
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the noise power is Nout. The power gain G of the linear network is defined by

G =
Pout

Pin
. (3.1)

The noise factor F is defined by

F =
Pin/Nin

Pout/Nout
=

Input signal-to-noise ratio

Output signal-to-noise-ratio
(3.2)

or

F =
Nout

Nout,0
==

Nout

G ·Nin
=

Output noise power for noisy network

Output noise power for noiseless network
. (3.3)

The noise figure NF is a logarithmic quantity and is defined as

NF = 10 log10 F. (3.4)

The available input noise power from the source for 1Hz bandwidth and temper-
ature of T0 = 290 K is

Nin = Nth = kBT0 ∆f = 4 · 10−21 W, (3.5)

with kb = 1.38 · 10−23 J/K, the Boltzmann constant. The output noise of the
noiseless linear network is the amplified thermal noise power of the source

Nout,0 = GkBT0 ∆f = GNin = GNth. (3.6)

For the output noise power of the noisy network,

Nout = G(kBT0 ∆f +N e
in) = G(Nth +N e

in) (3.7)

the equivalent input noise power N e
in of the linear network is added and amplified,

too. From Eqn. 3.2 to 3.7, the equivalent input noise power of the linear network

N e
in = (F − 1)kBT0 ∆f = (F − 1)Nth (3.8)

can be derived [14]. For a noiseless linear network with noise factor F = 1, the
resulting equivalent input noise is zero and the signal-to-noise ratios at the input
and output are equal. The total equivalent noise power referred to the input is

N in
total = FkBT0 ∆f = Nth +N e

in (3.9)

and is derived from the thermal noise power of the source and the noise power
of the linear network. For a noiseless linear network with F = 1, the total noise
power N in

total is equal to the available thermal noise power of the source.
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For the assumption of uniformly distributed input noise (white gaussian noise)
over the bandwidth ∆f , the power spectral density of the equivalent input noise
is defined by

Se
in(f) =

N e
in

∆f
= (F − 1)kBT0 (3.10)

with

Sin(f) = Sth + Se
in(f), (3.11)

where the power spectral density of the thermal noise is

Sth = kBT0 = 4 · 10−21 Ws. (3.12)

For a frequency dependent noise factor F (f), the power spectral density of the
equivalent input noise can be defined by

Se
in(f) = (F (f) − 1)kBT0 (3.13)

while the noise power N e
in is determined by

N e
in =

∞∫

−∞

Se
in(f)df. (3.14)

With H(s) as transfer function of the LTI system, the transport of the power
spectral density from the input to the output of the LTI system is defined by

Sout(f) = Sin(f) · |H(s)|2, (3.15)

while Sin(f) is the input spectral density

Sin(f) = F (f)kBT0, (3.16)

which contains the spectral densities of the source and the noisy network. Due to
the definition of the SNR, it is useful to define the power spectral density relative
to the power of the signal and the carrier Pc, respectively, which leads to

S(f) =
F (f)kBT0

Pc
. (3.17)

In logarithmic domain, the unit is [dBc/Hz], where subscript c indicates the
relation to the carrier. The carrier related spectral density is a spectral measure,
while the SNR is an integral measure defined for a certain bandwidth B. The
relation between the SNR and the carrier related spectral density is

1

SNR
=
N

Pc

=

∫

B

S(f)df =
1

Pc

·
∫

B

F (f)kBT0df (3.18)

In the following the calculations are based on the carrier related power spectral
density which will be referred to just as power spectral density.
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3.1.1 Amplitude and Phase Noise

For the description of amplitude and phase noise of a sinusoidal signal, the fol-
lowing equations are used [19]. White noise n(t) is added to a sinusoidal signal
with frequency f0 and amplitude V0

v(t) = V0 cos(2πf0t) + n(t)

= V0[1 + α(t)] cos(2πf0t+ ϕ(t)). (3.19)

This leads to a signal with uniformly distributed amplitude noise α(t) and phase
noise ϕ(t). With the assumption of

|α(t)| ≪ 1

|ϕ(t)| ≪ 1 (3.20)

Eqn. 3.19 yields

v(t) = V0 cos(2πf0t)
︸ ︷︷ ︸

~V0

+ vc(t) cos(2πf0t)
︸ ︷︷ ︸

~Vα

− vs(t) sin(2πf0t)
︸ ︷︷ ︸

~Vϕ

(3.21)

with

vc(t) = V0 α(t)

vs(t) = V0 ϕ(t) (3.22)

for the in-phase and quadrature part of the noise related to the carrier. The
spectrum of v(t), V (f), contains the carrier δ(f − f0) and the spectrum of the
amplitude, Vα(f), and phase noise, Vϕ(f).

V (f) = V0 δ(f − f0) + Vα(f) + Vϕ(f). (3.23)

In Fig. 3.2, a graphical illustration in time domain and the overlaid spectrum
of amplitude and phase noise are shown. With the modulation frequency fm =
f − f0, the power spectral density is defined by the square of the sum of the
Fourier transformation of the noise signal.

Sα(fm) =
1

V 2
0

|F{α(t)}|2

Sϕ(fm) =
1

V 2
0

|F{ϕ(t)}|2 (3.24)

The power spectral density of the baseband signal is defined as [20]

S(fm) = Sϕ(fm) + Sα(fm). (3.25)

For a noisy LTI system with frequency dependent noise factor F (f), the power
spectral densities of the equivalent input amplitude and phase noise

Sϕ(f) =
F (f)kBT0

Pin
(3.26)
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Figure 3.2: Vectorial representation in time domain of amplitude and phase noise
(left); Overlaid spectrum of amplitude and phase noise (right)

and

Sα(f) =
F (f)kBT0

Pin

(3.27)

can be derived. The phase noise can also be defined as the commonly known
single sideband phase noise

L(f) =
Sϕ(f)

2
. (3.28)

For further investigations, the root mean square values (rms) of the amplitude
and phase jitter are useful, which are derived from the integration of the power
spectral densities

(
∆A

A

)

rms

=

√
√
√
√
√

f2∫

f1

Sα(f)df (3.29)

and

∆ϕrms =

√
√
√
√
√

f2∫

f1

Sϕ(f)df (3.30)

for a given bandwidth. From the phase noise, the rms timing jitter can be deter-
mined to read

∆trms =
1

2πf0

√
√
√
√
√

f2∫

f1

Sϕ(f)df, (3.31)

which is related to the carrier frequency f0.
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3.1.2 Amplifier noise model

Based on the noise description in section 3.1, a model for amplifier noise is shown
in Fig. 3.3.

Figure 3.3: Equivalent circuit of a noisy amplifier with noise factor F and power
gain G

The power spectral density of the equivalent input noise of the amplifier is added
at the input of a noiseless amplifier. The amplitude and phase noise of an amplifier
can be defined by the noise figure F of the amplifier and the input power Pin by

Sx(f) = b0 + b−1
1

f
with x : α, ϕ (3.32)

with

b0 =
FkBT0

Pin
. (3.33)

The first term b0 describes the white noise contribution of the amplifier due to
internal thermal noise sources, while the second term b−1 represents the flicker
noise of the amplifier which is an experimental parameter. It describes the level of
the power spectral density at 1Hz. Another method for flicker noise description
is

Sx(f) =
F (f)kBT0

Pin
with x : α, ϕ (3.34)

with a frequency dependent noise factor

F (f) =

(

1 +
fc

f

)

F0 (3.35)

while fc is the corner frequency of the flicker noise and F0 the noise factor for the
broadband noise. This definition is inapt, because of the input power dependent
flicker frequency fc. In Eqn. 3.32, this dependency is taken into account. The
amplifier gain increases the signal level in the same manner as it increases the
noise level. Therefore the SNR or carrier related spectral density of a signal is not
affected by the gain of the amplifier. In the following, the calculaions are based
on carrier related spectral densities, which allows to neglect the amplification of
the devices. As long as the function of the devices is linear, this simplification is
justified.
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3.1.3 Mixer noise model

The model for the noise of the mixer is shown in Fig. 3.4. It is described by the
noise figure F and the conversion loss L and is added at the input of a noiseless
mixer. For passive mixers, the noise figure F is related to the conversion loss L

Figure 3.4: Equivalent circuit of a noisy mixer with noise figure F and conversion
gain G

by

F =
1

L
⇔ F (f) =

1

L(f)
, (3.36)

if the power spectral density of the input noise is kBT0 and T0 is equal to the mixer
temperature [14]. The conversion loss L, and therefore the noise factor F , can
be defined to be frequency dependent, too. For an active mixer, the conversion
gain G is additionally modeled by a noiseless amplifier at the mixer output. The
power spectral density of the equivalent input noise is

S⊗,x(f) =
F (f)kBT0

Pin
with x : α, ϕ (3.37)

and is added to the RF signal at the input of the mixer [21]. For the noise
transport from the RF and LO ports to the output (IF) port, some simplifications
are assumed. The mixer should operate in the linear mode for the RF port while
the LO input is saturated. An ideal sideband suppression and image rejection is
assumed, too. Under these conditions, the mixing process can be modeled as a
multiplication in time domain

vIF(t) = vRF(t) · vLO(t). (3.38)

The RF and LO signal are sinusoidal signals with additive white noise

vLO(t) = ALO · sin(2πfLOt+ ϕLO(t)) (3.39)

vRF(t) = ARF [1 + αRF(t)] · sin(2πfRFt+ ϕRF(t) + ϕ0) (3.40)

which lead to uniformly distributed amplitude noise αRF(t) and phase noise
ϕRF(t) and ϕLO(t) [17]. The amplitude noise of the LO is neglected, due to
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the saturation of the LO port [22]. The up- and downconversion is described by
the sum

Σf = fRF + fLO = fup
IF (3.41)

and the difference

∆f = fRF − fLO = fdw
IF (3.42)

of the RF and LO frequency. With

A =
ARFALO

2
(3.43)

Eqn. 3.38 leads to

vup
IF (t) = A [1 + αRF(t)] · cos(2πΣf + ϕLO(t) + ϕRF(t) + ϕ0) (3.44)

for upconversion and

vdw
IF (t) = A [1 + αRF(t)] · cos(2π∆f + ϕRF(t) − ϕLO(t) + ϕ0) (3.45)

for downconversion. This leads to a power spectral density of the phase noise

SIF
ϕ (f) = SLO

ϕ (f) + SRF
ϕ (f) ± 2 γ(f)

√

SLO
ϕ (f)

√

SRF
ϕ (f) (3.46)

with γ(f) as the frequency dependent correlation factor [23]. The plus or minus
sign indicates the up- or downconversion, respectively. For uncorrelated phase
noise at the RF and LO input, the correlation γ(f) is equal to zero and Eqn. 3.46
leads to

SIF
ϕ (f) = SLO

ϕ (f) + SRF
ϕ (f). (3.47)

The power spectral density of the mixer noise S⊗(f) is assumed to be uncorrelated
and has to be added as depicted in Fig. 3.4 for the phase noise

SIF
ϕ (f) = SLO

ϕ (f) + SRF
ϕ (f) + S⊗,ϕ(f) (3.48)

and for the amplitude noise

SIF
α (f) = SRF

α (f) + S⊗,α(f). (3.49)
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Figure 3.5: Equivalent circuit for ADC noise

3.1.4 ADC noise model

The application of a digital controller requires the digitization of the analog mea-
surement signals. The SNR is a common measure used for the description of the
ADC noise performance. Due to the increasing combination of RF components
and ADCs, e.g. in software defined radio, a uniform noise description for system
analysis and comparison is required [18]. For that the definition of the noise factor
F and the spectral density S(f) for the ADC is chosen similarly to the definition
for the mixer (Section 3.1.3). It is based on the addition of an equivalent input
noise at the input, while the following ideal and noiseless sample-and-hold stage
is depicted to describe the sampling process (Fig. 3.5).

All noise sources like quantization noise, thermal noise of the ADC input
stage, or errors due to clock jitter are summarized in this equivalent input noise.
The noise factor or equivalent input noise can be derived from the SNR of the
ADC. Either the SNR is measured, listed in the datasheet of the ADC, or is
calculated by Eqn. 3.50 [18]

SNRdB = −20 log10



(2πfatj)
2 +

2

3

(
1 + ǫ

2N

)2

+

(

2
√

2Vn

2N

)2




1
2

(3.50)

with the following ADC parameters:

fa : input frequency [Hz]

tj : rms clock timing jitter [s]

ǫ : differential nonlinearity, DNL [LSB]

N : number of bits

Vn : equivalent input noise [LSB].

If Vn, ǫ, and tj are equal to zero, Eqn. 3.50 is simplified to the well-known formula

SNRdB = 6.02 ·N + 1.76 dB (3.51)

for the signal-to-noise ratio of an ideal ADC, measured over the Nyquist band-
width 0 − fs/2, while fs is the sampling frequency.
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The first part in Eqn. 3.50 describes the influence of the rms timing jitter of
the sampling clock. The rms timing jitter consists of two uncorrelated parts and
is calculated by

tj =
√

t2j,ADC + t2j,CLK (3.52)

with the internal rms aperture jitter of the ADC tj,ADC and the integrated rms
timing jitter of the clock source tj,CLK. The spectral distribution of this part
depends on the phase noise spectrum of the CLK signal. For modern high-speed
ADCs, the internal rms aperture jitter is much lower than the contribution from
the CLK signal. The close-in phase noise of the CLK signal reduces the spectral
resolution, while the broadband phase noise will cause degradation in the SNR.
The bandwidth of the clock input at the ADC and therefore the upper frequency
range for integration of the phase noise can be assumed to be twice the maximum
sampling rate of the ADC, unless an external lowpass filter in front of the clock
input is used for bandwidth limitation. The lower frequency range for jitter
integration depends on the measurement time, because the width of the frequency
bins is inversely proportional to the number of samples and measurement time,
respectively.

The second part in Eqn. 3.50 shows the contribution of the quantization noise
and differential nonlinearities (DNL), while the last part describes the equivalent
input noise, which originates in thermal noise of resistive elements in the input
stage of the ADC. Both parts are uniformly distributed over the Nyquist band
[18].

In modern high speed ADCs, the two latter terms in Eqn. 3.50 lead to a SNR
which is lower than 80 dB, while the first term is dependant on the frequency
of the sampled signal. This leads to a decreasing SNR for an increasing input
frequency. The contributions of a CLK signal with a jitter of 100 fs and an input
frequency of up to 100MHz are in the range

SNRdB = 20 log10

(
1

2π · 100 MHz · 100 fs

)

= 84 dB. (3.53)

Based on the SNR which is related to the power spectral density integrated over
the Nyquist bandwidth from DC to half of the sampling rate (fs/2) and the
assumption of a sinusoidal input signal with amplitude VFS, the equivalent rms
input noise can be calculated to read

vrms = VFS,rms · 10−SNR/20 [V] (3.54)

with the full-scale rms input voltage VFS,rms. The noise factor is determined

F =
v2
rms

kBT0BR
=
V 2

FS,rms

R
· 1

kBT0

· 10−SNR/10 · 2

fs

(3.55)
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with the equivalent input impedance R of the ADC (Fig. 3.6). The noise figure
in dB can be obtained from

NF = PFS,dBm −Nth,dBm − SNRdB − 10 log

(
fs

2

)

[dB] (3.56)

with the thermal noise floor Nth,dBm and the full scale input power

PFS,dBm = 10 log

(
V 2

FS,rms

R · 1 mW

)

[dBm] . (3.57)

Figure 3.6: Equivalent circuit for calculation of the ADC noise factor

3.2 System Noise Model

To investigate the noise contribution of each component of the LLRF system
with respect to amplitude and phase stability of the cavity field, a noise budget
of the LLRF system is formed. The calculation of the noise budget is based on a
control loop model from control theory. It can be derived from the description in
Chapter 2 [24]. Simplifications lead to a model that is clearly arranged and easy
to comprehend.

3.2.1 Simplifications

To simplify the modeling of the LLRF system, the subcomponents of the complex
system are reduced to black boxes, which are described by their baseband transfer
functions and internal noise sources, considered for a frequency band that ranges
from 10Hz up to 10MHz beside the carrier. The model of each box is based on
the calculation of a PLL [20]. The Laplace transforms of the phase and amplitude
noise signals are used. The amplitude and phase loops are considered separately
and all subsystems are assumed to operate in a linear regime. Furhtermore,
only the high frequency fluctuations are noticed and errors due to the vectorsum
calibration and pulse-to-pulse fluctuations are neglected. For each system, the
baseband transfer function is used, because the disturbances and noise sources
are modeled as modulations of the carrier.
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3.2.2 Combination of Components

The transfer characteristics of the subsystems described in the previous chapter
are used. The simplified LLRF system is shown in Fig. 3.7.

Figure 3.7: Block diagram of the simplified LLRF system with single cavity;

The Plant

The plant is modeled as a single cavity, because of the neglection of the vectorsum
calibration errors. Therefore, no nonlinearity errors are affecting the loop. Due
to the limitation of the bandwidth to a lower boundary of 10Hz, all slow changes,
like microphonics, Lorentz force detuning, and temperature drifts, are neglected.
The baseband model of the cavity is a lowpass filter with a corner frequency equal
to the half of the cavity bandwidth. To simplify the calculations, the cavity is
assumed to be in steady state.

The Detector

The detector is a combination of two subsystems. The first one is the analog
front-end, based on an RF mixer, which is used for frequency conversion from the
RF to a lower IF. The second subsystem is an ADC, which is used for digitization
of the IF. It provides the digital cavity signal for the controller.

The frequency downconversion operates linearly, while the reference input is
assumed to be insensitive to amplitude noise of the reference signal. The IF phase
noise consists of the sum of the RF and LO phase noise (Eqn. 3.48), while the
IF amplitude noise is still the amplitude noise of the RF signal (Eqn. 3.49).

The frequency responses of both subsystems are combined and modeled by
one lowpass filter which describes the limited bandwidth of the analog front-end
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and optional digital filtering, respectively. The noise contribution of the front-
end and ADC in amplitude and phase are summarized and added at the detector
input. The required bandwidth of the detector can be derived from the following
line of arguments. If one assumes disturbances of the cavity field in the range of 1◦

due to microphonics and Lorentz force detuning, which is reduced by an adaptive
feed forward, a loop gain in the range of 100 is required to reach the tolerable
phase instability of 0.01◦. This leads to a unity gain at 20 kHz with a cavity
bandwidth of 200Hz. For diagnostic purposes, e.g. detection of beam induced
transients with a bunch repetition rate of 1-10MHz, it could be useful to detect
the cavity signal with a bandwidth of 1-10MHz. Due to the small bandwidth
of the plant of 200Hz, the influence of the detector bandwidth of 1-10MHz only
affects the rms stability of the detector output signal, but not the rms stability
of the cavity field. In the following modeling, the detector bandwidth is set to
1MHz.

The Controller

In the controller, the set point vector is subtracted from the measured cavity
field vector and the resulting error vector is multiplied by the controller gain and
added to a feed forward table. The resulting control signal is fed to the actuator.
In the black box model, the controller is modeled as P-controller.

The Actuator

The actuator consists of a DAC, which converts the amplified error vector from
a digital to an analog signal, and an analog upconverter which changes the phase
and amplitude of the incident signal of the cavity. The actuator also contains the
following high power pre-amplifiers and the klystron which delivers the required
high power signal level to the cavities. The function of the actuator is modeled
similar to the function of the detector. The RF phase at the output is the sum of
the IF and LO phases. The bandwidth of the actuator, preamplifier, and klystron
is in the range of 1-10MHz. The transfer function of the actuator can be neglected
because of the comparatively lower bandwidth of the cavity of 200Hz. Therefore,
only the internal noise sources of the RF actuator, preamplifiers, and klystron
are summarized and added to the RF signal.

Master Oscillator and Reference

The Master Oscillator (MO) is modeled by its phase noise which is used for the
simulation of the phase loop only. The amplitude noise of the MO is neglected,
because of the assumed insensitivity of the LO ports of the detector and actuator
against amplitude fluctuations.
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3.2.3 The Control Loop Model

The control loop model of the LLRF system in Laplace domain is depicted in
Fig. 3.8. It contains the transfer functions of the plant, G(s), the detector, C(s),
and the controller, K(s). The output of the cavity is the cavity field Y (s), which

Figure 3.8: Control loop model of the simplified LLRF system

is measured with the detector. The detector output signal Y ′(s) is subtracted
from the setpoint W (s), which leads to the error signal E(s). E(s) is fed into
the controller. The control signal U(s) at the output of the controller drives the
actuator and is sent to the cavity. The error sources are the detector noise, R(s),
the actuator noise, A(s), the disturbances to the cavity, D(s), and the phase noise
from the MO, M(s).

3.2.4 Transfer Functions

For modeling the LLRF system as a control loop, transfer functions are defined
for each subsystem. The plant G(s) is characterized by a lowpass filter

G(s) =
ω12

s+ ω12
(3.58)

with the comparatively low cavity bandwidth ω12 = 2π · 216Hz (with the loaded
quality factor QL = 3 · 106 and the center frequency fc = 1.3GHz). This de-
scribes the bandpass characteristics around the carrier at 1.3GHz of the cavity
transformed to the baseband. The detector C(s) is described as a lowpass, too:

C(s) =
ωc

s+ ωc
(3.59)

The detector bandwidth is set to ωc = 2π · 1MHz. The controller

K(s) = K0 (3.60)
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is modeled as P-controller with gain K0 which is within the range of 1 to 1000
during the simulation. The controller gain is equal to the loop gain, while all
other subsystems are normalized to a gain of 1.

Based on system and control theory, the field Y (s) of the cavity is composed
of the noise contribution of each subsystem multiplied by its transfer function.
With the transfer function of the open-loop

G0(s) = G(s)K(s)C(s), (3.61)

the transfer functions of the noise contributions of each subsystem to the cavity
field Y (s) can be written as

HA(s) =
G(s)

1 +G0(s)
(3.62)

for the actuator noise and disturbances,

HR(s) = − G0(s)

1 +G0(s)
(3.63)

for the detector noise, and

HMO(s) =
G(s)

1 +G0(s)
+

G0(s)

1 +G0(s)
(3.64)

for the contribution of the MO phase noise. The first term describes the con-
tribution of the MO noise to the cavity field phase via the actuator, while the
second one describes the contribution via the detector. Both terms are equal
to the transfer functions of the actuator and detector noise to the cavity field,
respectively. The transfer function for changes of the setpoint to the cavity field
is

HW(s) =
G(s)K(s)

1 +G0(s)
(3.65)

for the sake of completeness. The cavity field then results in

Y (s) = HA(s) [D(s) + A(s)] +HW(s)W (s)

+HR(s)R(s) +HMO(s)M(s). (3.66)

In Fig. 3.9, these transfer functions are shown. The parameter set is ω12 =
2π ·216Hz for the cavity bandwidth, ωc = 2π ·1MHz for the detector bandwidth,
and K0 = 100 for the loop gain. The disturbances D(s) and the actuator noise
A(s) are suppressed by the loop gain K0 and the filter function with the loop
bandwidth ω′

12 which is defined by

ω′

12 = K0 · ω12. (3.67)
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Figure 3.9: Transfer function of the noise contribution of each subsystem to the
cavity field Y (s). The parameter set is ω12 = 2π · 216Hz, ωc = 2π · 1MHz, and
K0 = 100. The arrows indicate increasing loop gain K0

The higher the gain K0, the lower is the contribution of the actuator and distur-
bances. The detector noise R(s) is suppressed outside the loop bandwidth ω′

12

only. The higher the gain, the higher is the loop bandwidth and the higher is the
contribution of the detector noise to the cavity field. The bandwidth of the de-
tector is negligible in comparison to the cavity bandwidth or the loop bandwidth.
The transfer function of the MO phase noise contribution HMO(s) is congruent
with the detector transfer function HR(s). The cavity phase follows the MO
phase within the loop bandwidth ω′

12, while the high frequency fluctuations are
suppressed by the filter function of the cavity.

The accelerating voltage Vacc is dependent on the injection time of the beam
tb or the beam phase ϕb

Vacc(tb) = Vcav · cosϕb = Vcav · cos(ωtb)

with the cavity voltage Vcav (Eqn. 2.10). For amplitude jitter (∆A/A)cav of the
cavity voltage and phase jitter ∆ϕcav between the cavity field and the beam, the
accelerating voltage is

Vacc = Vcav

(

1 +

(
∆A

A

)

cav

)

cos(ϕb + ∆ϕcav). (3.68)

Because of the MO being the overall frequency reference for the whole accelerator
as well as for the RF gun laser, the phase noise of the cavity field relative to the
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MO is of interest. Therefore, the residual phase jitter of the cavity field is defined
as the difference between the cavity field and the MO

Yres,ϕ(s) = Y (s) −M(s)

= HA(s) [D(s) + A(s)] +HR(s)R(s) (3.69)

+ (HMO(s) − 1) M(s).

The integration of the residual phase noise Yres,ϕ(s) describes the phase jitter
∆ϕcav in Eqn. 3.68, while the amplitude jitter (∆A/A)cav is equal to the inte-
grated amplitude noise of the cavity field

Yres,α(s) = HA(s) [D(s) + A(s)] +HR(s)R(s). (3.70)

The transfer function of the MO to the residual field jitter (Fig. 3.9) is

HMO,res = HMO(s) − 1 =
G(s)

1 +G0(s)
− 1

1 +G0(s)
. (3.71)

The contributions of the actuator, detector, and disturbances are uncorrelated to
the MO and therefore uncorrelated to the beam. The beam is modulated with
these noise contributions, while the contribution of the amplitude and phase noise
is dependent on the beam phase (Eqn. 2.10).

3.2.5 Detector Output

The field stability measured at the detector output is one figure of merit for the
quality of the field control. The phase noise at the detector output consists of
the detector noise and the difference between the cavity field phase and the MO
phase (Section 3.1.3). This leads to

Y ′(s) = [Y (s) −M(s) +R(s)] · C(s)

= . . . (3.72)

=

[
G(s)

1 +G0(s)
A(s) +

1

1 +G0(s)
R(s) +

G(s) − 1

1 +G0(s)
M(s)

]

· C(s)

for the phase noise at the detector output. The actuator noise is suppressed by
the cavity and the controller. The noise contributions of detector and MO consist
of high frequency noise outside the loop bandwidth, which can be derived from
the negative feedback loop (Fig. 3.10).

3.2.6 Noise Sources

For the description of the equivalent input noise sources, the power spectral den-
sity relative to the carrier is expressed by the parameter for the white noise floor,
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Figure 3.10: Transfer function of the noise contribution of each subsystem to the
detector output Y ′(s). The parameter set is ω12 = 2π · 216Hz, ωc = 2π · 1MHz,
and K0 = 100. The arrows indicate increasing loop gain K0

b0, and by the parameter for the flicker noise, b−1. The equivalent input spectral
densities of the actuator and detector noise are

SA(f) = ba,0 + ba,-1 · f−1

SR(f) = br,0 + br,-1 · f−1. (3.73)

The parameters for the equivalent input spectral density of the actuator noise
are derived from measurements of the klystron noise and listed in Tab. 3.1. The
contribution of the RF upconverter is comparatively low and is neglected [25].

For the simulation, three sets of parameters for the equivalent input spectral
density of the detector noise are chosen. The first two sets (detector 1 and 2) are
derived from real measurement data, while the third parameter set (detector 3)
is based on theoretical considerations.

Detector 1 is currently installed at FLASH and is based on a low power
Gilbert-cell mixer followed by a 14 bit, 1MHz sampling ADC. The noise floor
of -135 dBc/Hz is derived from the noise floor of the ADC, while the 1/f-noise
component originates in the output buffer of the analog front-end. The values for
detector 2 are based on a new developed detector which will be described later
in this thesis. The noise floor of -150 dBc/Hz is derived from an improved ADC
stage following the analog front-end, based on a 16 bit, 81MHz sampling ADC.
The RF mixer increases the 1/f-noise component to -105 dBc. Detector 3 is a
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b0 [dBc/Hz] b−1 [dBc]
Actuator -110 -90
Detector 1 -135 -120
Detector 2 -150 -105
Detector 3 -150 -130

Table 3.1: Parameters for the equivalent input noise sources of the detector and
actuator

theoretical version, based on detector 2 with an improved 1/f-noise contribution
of -130 dBc at 1Hz. With detector 3, the effect of an improved 1/f-noise contri-
bution is investigated. All values are summarized and listed in Tab. 3.1. The
power spectral densities of the equivalent input noise of the actuator and detector
are plotted in Fig. 3.11.
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Figure 3.11: The equivalent input spectral densities for the detector and actuator
noise

The disturbances are slow changes of the resonance frequency of the cavity caused
by microphonics and Lorentz force detuning (section 2.4). In this simulation, only
contributions and disturbances from the LLRF system are investigated. Micro-
phonics and Lorentz force detuning both being below 1 kHz, these disturbances
are suppressed by the controller.

The MO phase noise is based on measurement data taken from the currently
installed MO at FLASH [26]. The phase noise Sϕ,MO(f) is shown in Fig. 3.12.
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Figure 3.12: Phase noise of the currently installed MO at FLASH (fc = 1.3 GHz),
measured with the signal source analyzer E5250 (Agilent)

3.3 Simulation Results

To investigate the noise contribution of the components of the LLRF system with
respect to amplitude and phase stability of the cavity field, a noise budget of the
LLRF system is formed.

In Fig. 3.13, the power spectral density of the phase noise of the cavity
field Y (s), the MO, and the contributions of the detector (1) and actuator are
shown. The controller gain is set to K0 = 100 and the detector bandwidth is
ωc = 2π ·1MHz. The phase of the cavity field follows the phase of the MO within
the loop bandwidth. Outside the loop, the detector phase noise contribution
affects the cavity field phase. The actuator contribution is suppressed by the
loop gain of 100 (40 dB) and, outside the loop bandwidth, by the cavity. The
detector contribution is suppressed outside the loop bandwidth by the cavity and
influences the cavity field phase at 1MHz.

Fig. 3.14 (left) shows the phase noise at the detector output Y ′(s) and the
residual phase noise of the field and its composition for the same loop gain and
detector bandwidth as mentioned before. On the right side of Fig. 3.14, the
integrated phase jitter is shown, integrated from 10MHz down to 10Hz. The
residual phase noise follows the MO outside the loop bandwidth, while within the
loop bandwidth it is composed of the detector contribution and the MO, which is
suppressed by the controller (cp. Fig. 3.9). The detector output is dominated by
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Figure 3.13: Power spectral density of the phase noise of the cavity field and
contributions of the subsystems (detector, actuator) and the MO phase noise
(fc = 1.3 GHz);

the high frequency noise of the detector noise outside the loop bandwidth, while
within the loop bandwidth it is composed of the MO and actuator contributions.

The residual phase jitter (Fig. 3.14 right) is dominated by the high frequency
MO contribution, while the phase jitter at the detector output is only a measure
for the upper limit of the residual jitter. It is caused by the high frequency noise
of the detector.

Fig. 3.15 shows the amplitude noise and integrated amplitude jitter. The
MO amplitude noise being neglected, the amplitude noise of the cavity field is
determined by the detector and actuator noise contributions. As described for
the phase noise, the actuator noise contribution is suppressed by the controller
and the cavity, while the bandwidth of the detector contribution is increased
by the loop gain. For a loop gain of K0 = 100, the amplitude noise of the
field is dominated by the detector noise contribution. The amplitude jitter at
the detector output is higher than the amplitude jitter of the cavity field. It is
mainly caused by the high frequency noise of the detector in the frequency band
of the loop bandwidth ω′

12 = 21.6 kHz up to the detector bandwidth ωc = 1 MHz.
The actuator noise is suppressed by the controller and can be neglected.

The integrated phase jitter of the contributions of the subsystems (MO, de-
tector, and actuator) to the field and residual jitter are summarized in Tab. 3.2.
The phase and amplitude jitter at the detector output for a loop gain of K0 = 100
are ∆ϕ = 3.14 · 10−4 rad and ∆A

A
= 3.05 · 10−4, respectively. For the integrated
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Figure 3.14: Power spectral density of the residual phase noise and contributions
of the subsystems (detector, actuator, and MO) at the cavity field and detector
output (left); integrated phase jitter of the residual phase noise, contributions
of the subsystems (detector, actuator, and MO) and detector output (integrated
from 10MHz down to 10Hz)(right);

Subsystem System Field Residual
Jitter [rad] Jitter [rad] Jitter [rad]

MO 6.83 · 10−4 6.74 · 10−4 1.16 · 10−4

Detector 7.95 · 10−4 0.46 · 10−4 0.46 · 10−4

Actuator 141 · 10−4 0.08 · 10−4 0.08 · 10−4

Σ 6.74 · 10−4 1.19 · 10−4

Table 3.2: Integrated phase jitter of the contributions of the subsystems (MO,
detector, and actuator) to the cavity field and residual jitter for a loop gain of
K0 = 100 and integration bandwidth of 10Hz to 10MHz.
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Figure 3.15: Power spectral density of the amplitude noise of the cavity field and
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the cavity field and contributions of the detector and actuator (integrated from
10MHz down to 10Hz)(right);
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amplitude jitter, the values of the detector and actuator lead to a field jitter of
0.47 · 10−4.

To evaluate the effect of the loop gain and different settings of the detector
noise, Fig. 3.16 shows the integrated residual phase jitter and the jitter contri-
bution of the subsystems as function of gain for phase noise (left) and amplitude
noise (right). The loop gain is swept in a range of K0 = 1 . . . 400 and the inte-
gration bandwidth is set from 10Hz to 10MHz.
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Figure 3.16: Phase and amplitude jitter contribution of the subsystems to the
residual jitter for different detector settings; phase and amplitude jitter at the
detector output; solid: detector 1; dashed: detector 2; dash-dotted: detector 3;

The major impact on the residual phase jitter originates in the MO contribution.
The contribution of the detector is only visible for detector 1 and a loop gain up
to 100. With a reduced noise floor, the detector contribution can be neglected.
The actuator noise has no influence on the residual phase jitter at all.

By changing detector 1 to detector 2 or 3, the phase jitter at the detector
output is reduced by a factor of approximately 3 from 3.1 ·10−4 down to 1.1 ·10−4

for a loop gain of 100. The 1/f-noise improvement (detector 3) has no influence
on the phase jitter at the detector output.

The minimum amplitude jitter is the crosspoint of the actuator and detector
contributions (2.7 · 10−5). This point is shifted to higher gain and smaller jitter
values for a reduced detector noise floor, while the high 1/f-noise of detector
2 limits the minimum reachable jitter to approximately 2.4 · 10−5. With the
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improved detector 3 and a reduced 1/f-noise, the amplitude jitter can even be
more reduced down to 1.2 · 10−5.

As described for the phase jitter, the reduction of the detector noise floor
reduces the amplitude jitter at the detector output from approximately 3 · 10−4

(detector 1) down to 5.5 · 10−5 (detector 2 and 3). The reduction of the 1/f noise
from detector 2 to detector 3 has a minor influence.

3.3.1 Conclusion and Discussion

For a loop gain of K0 = 0, the cavity field follows the jitter of the MO within
the cavity bandwidth. If the beam phase is correlated with the phase noise of
the MO, the residual cavity field jitter is imposed on the beam. Additionally,
the actuator noise contribution is added. The contributed detector jitter is zero.
If the loop gain K0 increases, the closed loop bandwidth increases as well and
therefore the bandwidth of the detector contribution increases, which leads to
more induced jitter from the detector noise on the residual phase noise. The
locking bandwidth of the field to the MO increases, therefore the residual phase
noise decreases.

A problem is the evaluation of the field stability with the signal at the output
of the detector. Due to the low loop bandwidth, the contribution of the detector
noise is much smaller than its output noise. It can be seen as an upper boundary
for the field stability. For a more accurate determination of the residual jitter,
beam-based measurement techniques have to be used [27] [28] [29].

The attention concerning these simulations is focused on the high frequency
fluctuations. Due to the limited loop gain, slow drifts due to microphonics lead
to steady-state errors. The implementation of an additional integrating part in
the controller (PI-controller) would lead to a slope on the field. This is in conflict
with the requirement of field flatness, which could be solved by an adaptive feed
forward.

Other forms of slow errors originate in the 1/f-component of the detector
noise and in thermal drifts. They lead to measurement errors and influence the
quality of the field control directly. Thermal drifts cause phase drifts of cable
transmission from the cavity to the detector or phase drifts of the detector itself.
Also drifts in the reference distribution system will lead to phase errors in the
measurement between different LLRF stations [6].

3.4 Beam Stability

In Fig. 3.17, a schematic of the coupled and simplified LLRF systems in a linac is
shown. The laser, which is used to generate the electron bunches in the RF gun,
is locked to the MO by a PLL. Due to the limited loop bandwidth and because
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Figure 3.17: Schematic diagram of the induced jitter coupling of the LLRF system
to the beam

of noise sources in the laser PLL, additional uncorrelated phase jitter is added to
the laser and the generated beam.

To estimate the jitter contributions of the LLRF systems to the beam energy,
it is assumed that the beam phase at the output of the RF gun is synchronized
to the phase of the MO, except for the uncorrelated jitter contribution of the RF
gun control loop and laser PLL.

The electron beam is accelerated by the electrical field in the cavity (Eqn.
2.10). The uncorrelated amplitude and phase jitter of the cavity field is imposed
on the beam energy. The jitter contributions of each LLRF system along the
linac are uncorrelated. As described by Eqn. 3.68, the accelerating voltage is
affected by the amplitude stability of the cavity voltage and by the relative phase
stability between the beam and the cavity field. According to [30], the energy
spread induced by field instabilities can be calculated to be

(
∆E

E

)2

cos2 ϕb =
1

2
(1 + cos 2ϕb)

(
∆A

A

)2

(3.74)

+
1

2
(1 − cos(2ϕb))∆ϕ2 +

1

4
(3 cos(2ϕb) − 1)∆ϕ4.

The energy spread is affected by the amplitude jitter ∆A/A and phase jitter ∆ϕ
of the residual field, where ϕb denotes the beam phase (Fig. 2.10).

In Fig. 3.18, the contribution of the LLRF system to the energy spread
of the beam for a beam phase of 20◦ is shown. These values are induced by
the uncorrelated noise sources from the detector, actuator, and MO in the LLRF
system. For a beam phase of 20◦, the residual phase jitter contribution determines
the induced energy spread at lower gain values. The amplitude jitter contribution
increases the induced energy spread for gain values above 100. If the beam phase
is reduced, the contribution of the residual phase noise decreases and the induced
energy spread is limited by the amplitude jitter. The off-crest acceleration with a
beam phase of 20◦ is only required for the first ACC-module (ACC1) in front of
BC2 in order to guarantee bunch compression. The following ACC-modules are
operating on-crest to get the highest energy gain. The induced phase jitter for
these modules can be neglected. The improvement of the induced energy spread
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for different detectors at high gain values stems from reduced amplitude jitter.
The phase jitter is mainly affected by the MO, which is independent of the chosen
detector.
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Figure 3.18: Induced energy spread of one LLRF system for a beam phase of 20◦;
left: composition of the energy spread by amplitude and phase induced jitter;
right: influence of different detectors.

These simulation results indicate a minor influence of the noise sources of one
LLRF system to the energy stability of the beam. For loop gain values above
10, the contribution of one LLRF system is below the required margin of 10−4.
It is caused by the small bandwidth of the cavity, which makes it sensitive to
microphonics. The contribution of the high frequency noise of the detector is
filtered out by the cavity, while the contributions of the actuator are suppressed
by the control loop. The major contribution of the LLRF system to the phase
jitter results from the MO. As long as the beam is locked to the MO, the main
part of the contribution to the residual jitter is induced by the high frequency
noise of the MO. If the beam is locked to the MO with loop bandwidth close or
equal to the loop bandwidth of the LLRF system, the contribution is minimized.
This is valid for all systems which are locked to the MO and influence the beam.
The fastest system in the accelerator dominates the jitter contribution of the MO
to the beam. The dominant error sources are disturbances at low frequencies from
microphonics and Lorentz force detuning, and the measurement errors caused by
calibration errors of the vectorsum.
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3.5 Nonlinearity

In reality, for a certain power level, all electronic networks behave nonlinearly.
Also passive components like connectors or filters are nonlinear strongly depend-
ing on the input power level. To estimate the compression errors, which result
from the nonlinearities, a simple form of description is useful. A nonlinear net-
work with an amplitude compression can be modeled as a polynomial with

vout(t) = a0 + a1vin(t) + a2vin(t)
2 + a3vin(t)

3, (3.75)

while a0 describes the DC offset at the output, a1 is the linear gain, and a2 and
a3 are the second and third order coefficients of the nonlinear curve [15]. With
an input signal

vin(t) = Ain sin (ωt) (3.76)

this equation leads to

vout(t) = a0 + a1Ain sin (ωt)

+ a2
A2

in

2
[1 − cos (2ωt)]

+ a3
A3

in

4
[3 sin (ωt) − sin (3ωt)] . (3.77)

The output amplitudes separated into the different frequencies are

Aout,DC = a0 +
1

2
a2A

2
in (3.78)

Aout,ω = a1Ain +
3

4
a3A

3
in (Fundamental) (3.79)

Aout,2ω =
1

2
a2A

2
in (2nd Harmonic) (3.80)

Aout,3ω =
1

4
a3A

3
in (3rd Harmonic). (3.81)

3.5.1 Compression

The output amplitude at ω of a linear network is described by

Aout,ideal = a1Ain. (3.82)

The amplitude gain of the network at ω is definded by the ratio of output and
input amplitude at frequency ω

GA =
Aout,ω

Ain,ω
=
a1Ain + 3

4
a3A

3
in

Ain
= a1 +

3

4
a3A

2
in (3.83)
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which describes the gain compression at higher input amplitude levels if a3 is
negative. The 1 dB compression point is defined as

−1 dB = 20 log10

(
a1A−1 dB + 3

4
a3A

3
−1 dB

a1A−1 dB

)

(3.84)

with the input amplitude A−1 dB, where the compression error is 1 dB. The com-
pression error can also be defined as the relative amplitude compression error

(
∆A

A

)

NL

=
3

4

a3

a1

A2
in. (3.85)

3.5.2 Intermodulation

With a two-tone input signal

vin(t) = A1 sin(ω1t) + A2 sin(ω2t) (3.86)

with two closely spaced frequencies ω1 and ω2, the output signal of the nonlinear
network consists of combinations of the frequencies in the form of

mω1 ± nω2 (3.87)

with m,n = 0, 1, 2, 3, . . . (Fig. 3.19). These combinations are called intermodula-
tion products (IM products). For the investigation of nonlinearity errors, the 3rd
order IM products at the frequencies 2ω1 −ω2 and 2ω2 −ω1 are important. They
are closely located to the frequencies of interest at ω1 and ω2. Due to the close

Figure 3.19: Output spectrum of a nonlinear network with two-tone input signal
and second and third order intermodulation products.

location of the IM products, one can assume that the IM products are affected by
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the same frequency response of the nonlinear network as the carrier. The output
amplitudes at ω1 and ω2 are

Aω1
= a1A1 +

3

4
a3A

3
1 +

6

4
a3A1A

2
2

Aω2
= a1A2 +

3

4
a3A

3
2 +

6

4
a3A

2
1A2, (3.88)

and at the two frequencies closely located to the carriers

A2ω1−ω2
=

3

4
a3A

2
1A2

A2ω2−ω1
=

3

4
a3A1A

2
2. (3.89)

For simplification, A1 and A2 is set to Ain. This leads to

Aω1
= Aω2

= a1Ain +
9

4
a3A

3
in (3.90)

and

A2ω1−ω2
= A2ω2−ω1

=
3

4
a3Ain. (3.91)

The intercept point of 3rd order is a theoretical value, which is defined as the
crossing point of the two lines, which result from the linear part of Eqn. 3.90 and
of Eqn. 3.91 (Fig. 3.20). This leads to the equation

a1AIP3 =
3

4
a3A

3
IP3. (3.92)

The amplitude of the 3rd order intermodulation point related to the input is

AIP3 =

√
4

3

a1

a3
. (3.93)

The combination of Eqn. 3.85 and 3.93 results in the nonlinear compression error.
This error is dependent on the input/output amplitude and input/output IP3

(
∆A

A

)

NL

=
A2

in

A2
IIP3

=
A2

out

A2
OIP3

(3.94)

with

Aout = G · Ain AOIP3 = G · AIIP3. (3.95)

Eqn. 3.94 can also be written in terms of input/output power, which is commonly
used:

(
∆A

A

)

NL

=
Pin

PIIP3

=
Pout

POIP3

(3.96)



44 CHAPTER 3. THEORETICAL BACKGROUND AND SIMULATION

Figure 3.20: Characteristic curve with input and output power of 3rd order inter-
modulation products PxIP3, 1 dB compression point P1 dB, and output saturation
Psat.

3.5.3 AM-PM Conversion

It can be observed that not only the gain is dependent on the input amplitude
but also the phase shift of a nonlinear network. For modeling these effects, Eqn.
3.75 is extended to

vout = ā0 + ā1vin + ā2v
2
in + ā3v

3
in + . . . (3.97)

with complex coefficients

ān = An e
jϕn = In + jQn. (3.98)

With these complex coefficients, the AM-to-AM and AM-to-PM conversion can
be modeled and lead to an amplitude dependent network phase shift and gain,
which can be modeled separately as a function of Ain

Φ = f(Ain) and G = f(Ain). (3.99)

3.6 Vectorsum Calibration

The requirements for the linearity of the detector are derived from the require-
ments of the vectorsum calibration. As decribed in chapter 2, the control signal
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of a vectorsum control is derived from the sum of multiple field vectors of one or
more ACC-modules.

One ACC-module at FLASH contains 8 cavities, which are controlled by one
LLRF-system1. The accelerating voltage is derived from the sum of the field
vectors of one ACC-module, which acts like a single cavity with one field vector.
This leads to the ansatz to control the vectorsum of N cavities, instead of one
control system for each single cavity.

The induced pulse-to-pulse energy gain jitter of the LLRF-system is derived
from the time varying fluctuations of the controlled vectorsum instead of time
constant errors [8]. For the vectorsum control, it has to be considered that each
single field vector of the vectorsum has to be calibrated in amplitude and phase to
get the correct ratio between the real and measured field vectors of the vectorsum.
Fluctuations of the field vectors due to microphonics lead to time dependent
variations of the measured vectorsum and therefore to time dependent errors of
the controlled vectorsum. Due to the variance of the measurement errors, the
ratio of the measured vectors differs from the ratio of the real field vectors.

In general, calibration errors are constant errors and lead to constant errors
in the vectorsum. Due to time dependent disturbances, like microphonics, this
constant calibration error yields a time dependent measurement error of the vec-
torsum and therefore a limited accuracy of the control. These effects are revealed
by a simple graphical model of a vectorsum with only two vectors, ~V1 and ~V2.
Each field vector is moving stochastically independent and as function of time in
phase with the detuning angle ψ(t) due to microphonics onto the cavity, while
any changes of the amplitude are negligible [9]. These changes are visible on the
real vectorsum, seen by the beam, and the measured vectorsum.

If the calibration errors are zero, the control loop compensates the changes by
the loop gain. Furthermore, the disturbances are reduced by

√
N , while N is the

number of cavities in the vectorsum, because of the summation of stochastically
independent fluctuations. ~V1 is chosen as the reference vector, which is assumed
to be constant, while ~V2 is affected

√
2-times by the microphonics and calibration

errors. A constant calibration error (∆A/A)cal in the amplitude primarily leads
to an amplitude error (∆A/A)VS in the measured vectorsum. This error is almost
constant for a small detuning angle ψ ≪ 1.

In Fig. 3.21, an additional phase error ∆ϕVS is visible (gray curve), which is
dependent on the time dependent detuning angle ψ(t). The same situation can be
observed for a constant calibration error ∆ϕcal in the phase and in the amplitude
error (∆A/A)VS of the mearsured vectorsum in Fig. 3.22. The phase calibration
error ∆ϕcal leads primarily to a constant phase error ∆ϕVS of the measured
vectorsum. With the time dependent detuning angle ψ(t), the amplitude error
(∆A/A)VS is changing time dependently, too. To measure the vectorsum of 8

1One LLRF system is capable to control up to 4 ACC-modules, which means a vectorsum

of up to 32 cavities.
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Figure 3.21: A constant calibration error in amplitude (∆A/A)cal leads to a time
dependent phase error of the measured vectorsum ∆ϕVS; black: real vectorsum,
gray: measured vectorsum with calibration error;

Figure 3.22: A constant calibration error in phase ∆ϕcal leads to a time dependent
amplitude error of the measured vectorsum (∆A/A)VS; black: real vectorsum,
gray: measured vectorsum with calibration error;
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cavities with an accuracy of 10−4 in amplitude and phase, the maximal allowable
amplitude and phase calibration error is 1% for amplitude and 0.5◦ for phase [9].

Differences in the loaded Q, incident phase, and detuning of each single cav-
ity lead to variations of the gradient of each single cavity up to 10%, while the
vectorsum is constant [8]. Nonlinearities in the detector lead to amplitude depen-
dent gain compression. With changing gradient, this results in time dependent
measurement errors which are comparable with the calibration errors of the vec-
torsum. Hence, it can be concluded, that the requirements for the vectorsum
calibration are likewise valid for the nonlinearity errors. This leads to an allow-
able amplitude compression of less than 1% or 0.08 dB and to a phase change of
less than 0.5◦.
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Chapter 4

Concepts and Requirements

At the beginning of this chapter, requirements for the detector are derived, based
on the proposed models, simulations, and equations. These requirements are re-
lated to a black box model of the detector, in order to be independent of the
chosen concept of field detection and RF downconversion. Possible realizations
are described in the next chapter. Subsequently, concepts of RF downconversion
are presented and compared concerning their advantages and disadvantages. Af-
terwards, a description of a digital field detection algorithm is presented, which
can be used for two of the presented downconversion concepts. It is planned to
implement and test this algorithm at FLASH. Derived from the simulation in
section 3.3, the noise contribution of the detector to the field increases, when the
loop gain of the feedback system is increased. It is hence necessary to develop a
detector, whose noise contribution at a given loop gain remains below the required
field stability. This ensures, that the field stability in the cavity does not degrade
because of the noise contribution of the detector. The linearity requirements are
derived from the specifications of the vectorsum calibration, which is described
in section 3.6. With the equations from section 3.5, these results are converted
to boundary conditions for the linearity parameters of the detector.

4.1 Hardware Specification

Independent of the chosen detection scheme, the detector is modeled as a black
box with the system parameters for a receiver, e.g. noise figure, Fsys, gain, Gsys,
and third order intercept point, PIP3,sys.

4.1.1 Detector Noise

To measure the cavity field vector within the measurement bandwidth B with
a rms resolution of 10−4, the upper limit of the detector noise integrated over
the measurement bandwidth B should be below 10−4. To get the required value

49
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Figure 4.1: Cascaded networks with IP3, G and NF

for the white noise floor (b0) and the 1/f-noise contribution (b−1) of the power
spectral density, Eqn. 4.1 defines the equivalent noise power spectral density at
the input of the detector.

Sin(f) = b0 + b−1f
−1 (4.1)

Integrated over the measurement bandwidth B = (f2 − f1), Eqn. 4.1 leads to an
rms field error of

∆x2
rms =

f2∫

f1

Sin(f)df = b0(f2 − f1) + b−1 ln
f2

f1

. (4.2)

In general, the upper boundary f2 is in the range of 106 Hz to 108 Hz while f1 is
102 Hz, so that f1 can be neglected in the first term. The logarithm naturalis in
the second term leads to a value of approximately 10. Eqn. 4.2 can be simplified
to

∆x2
rms = b0f2 + 10 · b−1. (4.3)

To influence the integrated noise power, the 1/f-noise coefficient b−1 has to be 5 to
7 orders of magnitude larger than b0 depending on f2. In practical applications,
this is not fulfilled. Therefore the 1/f-noise can be neglected and the input noise
is assumed to be constant over the frequency band of interest. This leads to a
simplified equation for the rms field error

∆x2
rms = b0 · B (4.4)

with B for the measurement bandwidth of the detector, or

20 log10 (∆xrms) = b0,dBc + 10 log10(B) (4.5)

for the logarithmic scale. To determine b0 for a given measurement bandwidth B
of the detector, the following formula is used:

b0 = ∆x2
rms ·

1

B
[s]

b0,dBc = 20 log10 (∆xrms) − 10 log10(B). (4.6)
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The measurement bandwidth B of the detector is equal to the signal bandwidth.
The noise bandwidth is equal to the bandwidth of an ideal filter, which passes the
same noise power as the nonideal filter, e.g. the detector. Therefore, the noise
bandwidth is always higher than the signal bandwidth of a filter, depending on
the filter slope and filter order, respectively [18].

A filter of first order has a noise bandwidth of 1.57 times the 3 dB signal
bandwidth while the noise bandwidth of a third order filter is just 1.05 times
higher. This leads to Tab. 4.1, which shows the noise power spectral density for a
required measurement resolution of ∆xrms = 10−4 for different signal bandwidth.

3 dB Signal b0 [dBc/Hz] for b0 [dBc/Hz] for
BW [MHz] 1st Order LP 3rd Order LP

0.01 -122 -120.2
0.1 -132 -130.2
1 -142 -140.2
10 -152 -150.2

Table 4.1: Required power spectral density parameter b0 for a given measurement
resolution of ∆xrms = 10−4 and different detector bandwidth and filter order.

The allowable maximum power spectral density of the detector for a measurement
bandwidth of 10MHz is -150 dBc/Hz. By Eqn. 3.17 and the noise power spectral
density, the required noise figure dependent on the input power of the detector
can be determined. The parameters Fsys, B, and Pin of the detector lead to a
conditional equation for

b0 =
Fsys · kT
Pin

[s]

b0,dB = NFsys +Nth − Pin,dB [dB] (4.7)

Eqn. 4.6 and 4.7 yield

NFsys − Pin,dBc + 10 log10(B) = 20 log10 (∆xrms) −Nth,dBm

Fsys

Pin

· B = ∆x2
rms ·

1

kBT0

[
1

Ws

]

. (4.8)

By Eqn. 4.8, the parameters Fsys, B, and Pin of the detector can be determined.
For a given input power Pin, the noise figure Fsys can be determined for a given
bandwidth B and a denoted resolution ∆xrms. A higher input power increases
the resolution, while the bandwidth and the noise factor should be low.

The noise factor of the detector is defined by the choice of the internal devices
and their noise factor and gain. With Friis’ formula [17] one gets the overall noise
figure of the system as

Fsys = F1 +
F2 − 1

G1
+
F3 − 1

G1G2
+ . . . . (4.9)
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In comparison to a receiver for communication systems, where the available input
power is comparatively low and close to the noise floor, the available signal power
for the LLRF detector is comparatively high. Hence, the still tolerable nonlinear
distortions limit the maximum signal power level.

4.1.2 Detector Nonlinearity

To reduce the signal-to-noise ratio of the input signal of the detector and to
minimize the influence of the detector noise, the available input power level has
to be increased, as had been shown in the previous section. The maximum
power level is limited by the available output power of the cavity and by the
nonlinearities of the detector. The latter cause errors in the detected signal,
while the dimension of the errors is dependent on the input power level. In
section 3.5, the amplitude compression error is defined by the ratio of the input
or output powers and the intercept point of third order.

(
∆A

A

)

NL

=
Pin

PIIP3,sys
=

Pout,ω

POIP3,sys

In comparison to Friis’ formula for the noise figure, the system IP3 related to the
input of a cascade of nonlinear networks can be calculated by

PIIP3,sys =

(
1

PIIP3,1
+

G1

PIIP3,2
+
G1G2

PIIP3,3

)−1

(4.10)

or related to the output of the cascade by

POIP3,sys =

(
1

POIP3,1G2G3
+

1

POIP3,2G3
+

1

POIP3,3

)−1

(4.11)

with

Gn = 10Gn,dB/10 (4.12)

as the power gain of the n-th network stage. The maximum input power level is
defined by the full scale power level of the ADC PFS and by the system gain Gsys

of the analog front-end

Pin,max =
PFS

Gsys
(4.13)

or

Pin,max,dBm = PFS,dBm −Gsys,dB [dB]. (4.14)

The full scale power level of the ADC is a constant value and has to be equal to
the output power level of the analog front-end.

Pout = PADC,FS = const. (4.15)
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With these equations and the tolerable amplitude compression error, the required
minimum OIP3 can be calculated to be

POIP3,sys = PADC,FS

(
∆A

A

)−1

NL

. (4.16)

4.1.3 Conclusion

The noise requirements determine the system noise figure and power gain, de-
pending on the required rms resolution, bandwidth, and ADC input power level.

Fsys ·Gsys = ∆x2
rms · Pout

1

kBT0B
(4.17)

with

Pout = PFS,ADC = Pin ·Gsys (4.18)

and in logarithmic scale

NFsys +Gsys,dB = 20 log10 (∆xrms) + Pout,dBm − 10 log10(kBT0B). (4.19)

The OIP3 of the system results from the nonlinearity requirements and deter-
mines the minimum OIP3 of the detector (Eqn. 4.16).

4.2 RF Detection

The principles of RF field detection - to measure the amplitde and phase or in-
phase (I) and quadrature (Q) part of an RF signal - are all based on mixing a
reference signal (LO) with the RF signal. The high frequency signal is downcon-
verted to the base band, while different phase conditions between the RF and the
LO are responsible for the resulting output signal (A, ϕ, I or Q). The discussed
concepts are:

• Baseband Sampling (IQ- and AP-Detection)

• IQ-Sampling (switched Local Oscillator)

• IF Sampling (RF Downconversion)

• Direct Sampling

The sequence of the presented concepts illustrates the stages of development,
where the actual field detection shifts from the analog to the digital domain. In
the first scheme, the ADC just converts the measured fieldvector to the digital
domain, while at the direct sampling scheme any field detection processing is
done in the digital part of the system. No analog detection scheme is needed.
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4.2.1 Baseband Sampling

The first concept described in this chapter is an analog IQ-Detector, where the RF
signal is converted to the baseband and sampled with an ADC. A block diagram
of an analog IQ-detector is depicted in Fig. 4.2.

Figure 4.2: Analog IQ-Detection

The input signal (RF) is split into two branches and converted down to the
baseband by multiplying it with a reference signal (LO) in two separate RF
mixers. The reference signal is split by a hybrid, which leads to a phase difference
of 90◦ between the two outputs. Behind the two mixers, lowpass filters suppress
the unwanted high frequency mixing products. The two output signals correspond
to the in-phase (I) and quadrature (Q) component of the input signal relative to
the reference signal. The baseband signals (I and Q) are sampled with an ADC
with small effort in signal processing. The amplitude and phase can be derived
to read

A =
√

I2 +Q2

tanϕ =
Q

I
. (4.20)

The advantage of this concept is the low effort of digital processing, due to direct
I and Q sampling. The disadvantages of this scheme are the error sources of a
real analog IQ-detector (Fig. 4.3). Due to phase imbalance at the output of the
input splitter (δϕ1) or between the reference signal phase shifted by 0◦ and by
90◦ (δϕ2), the output signals of the mixers are not exactly I and Q. They are a
combination of both, which leads to a deformation of the constellation diagram as
depicted in Fig. 4.4 a). Also gain mismatch (GI , GQ) of the two mixer branches
is present (Fig. 4.4 b)), which results from amplitude imbalance of the input
splitter or gain imbalance of the mixers. Due to the baseband mixing procedure,
the I and Q signals are sensitive to offsets (OI , OQ) at the mixer outputs (Fig. 4.4
c)). Also temperature drifts of the offset errors affect the values of the measured
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Figure 4.3: Error Sources of an analog IQ-Detector

Figure 4.4: Constellation diagram with different errors on I and Q: All errors lead
to phase dependent amplitude.
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I and Q signal. A further disadvantage is the usage of two ADCs which leads to
higher costs, more required space, and reduced reliability.

4.2.2 IQ Sampling

Using this method, the probe signal of the cavity is mixed down to the baseband
with a switched LO, whose phase is switched by 90◦ for a fixed time interval
(Fig. 4.5). The output signal of the mixer represents alternately the I, Q, -I, and

Figure 4.5: Detection scheme with RF mixer, ADC and LO-Generation as im-
plemented at FLASH; The 1.3GHz reference from the MO is switched every 1µs
by 90◦ with a vector modulator. The switching values are stored in a table (LO-
table) and the IQ-signals are generated via a DAC. The IF signal at 250 kHz
is sampled with 1MHz. The samples correspond to subsequent in-phase and
quadrature values with alternating signs of the cavity probe signal.

-Q values of the probe signal. The field vector is calculated by two subsequent
samples, used as I and Q value, and shifted by n · 90◦, as depicted in Fig. 4.6.

Compared to the analog IQ-detector, where the detection is separated by two
mixers, this scheme uses a time separated IQ-detection. The I and Q values are
measured alternately, by phase changing the LO and with alternating sign. The
technical realisation of the switched LO can be done with an electrical phase
shifter or vector modulator, where the phase is changed by a controller.

One advantage of this scheme arises from baseband mixing. For the sampling
of the I and Q value of the rectangle signal, the timing requirements for the
ADC clock are relaxed. Furthermore, only one mixer and one ADC channel are
needed. With only one mixer, the error sources of gain and phase imbalance
between the I and Q mixers are removed. The sampling could be realized with
a higher number of bits (16-18) and moderate sampling rates (up to 1MHz) to
increase the resolution.
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Figure 4.6: The subsequent values of the rectangular signal correspond to the
in-phase and quadrature value of the complex field vector of the cavity.

Disadvantages of this detection scheme could be the error sources of the LO
generation. The errors are comparable to those of an analog IQ-detector. The
output of the mixer and the following amplifier stages have to have a ten times
higher bandwidth or slew rate than the signal bandwidth, in order to transfer the
rectangular output signal to the ADC, because a lower slew rate would smear the
rectangular signals. The higher bandwidth yields more noise power at the ADC
input and, depending on the sampling rate, to noise aliasing which will decrease
measurement resolution. A further disavantage is the dependency of the mixer
output signals on offset drifts of the mixer due to temperature changes.

The signal bandwidth has to be four times lower than the sampling frequency,
because the I and Q values are each sampled by half of the sampling frequency.
Hence the Nyquist frequency for the I and Q signal is fs/4.

The phase step of the LO does not have to be 90◦. Depending on the process-
ing power of the digital signal processing unit, a scheme with a different phase
step value is also possible. The samples are combinations of I and Q, which have
to be extracted by an algorithm in the digital signal processing unit. Also, the
LO does not have to be switched. For a non-zero frequency output signal (inter-
mediate frequency, IF) of the mixer with a synchronized LO and clock signal for
the ADC, the sampled IF can be interpreted as subsequent I and Q values. This
leads to the scheme of IF sampling.

4.2.3 IF Sampling

For this method, the RF signal from the probe is mixed down to an interme-
diate frequency and afterwards sampled by an ADC (Fig. 4.7). The LO signal
for downconversion and the clock signal for the sampling procedure have to be
synchronized to assure a constant phase step ∆ϕ between two subsequent sam-
ples. Jitter on the LO or CLK signal leads to jitter in the phase step and thus
to reduced measurement accuracy. The actual IQ detection is done in the dig-
ital signal processing unit, where the input signal is multiplied by a sine and
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Figure 4.7: IF sampling scheme

cosine function, which is comparable with the analog IQ-detector. The advan-
tage of this scheme is that the errors of an analog IQ-detector do not exist, e.g.
phase and gain imbalance of the two multipliers. One still existent problem is
the temperature dependent phase drift of the mixer.

The choice of the IF depends on different conditions. The upper limit is given
by the jitter of the sampling clock and the required SNR of the ADC (Fig. 4.8) and
by the linearity of the ADC buffer amplifier, which generally increases for higher
frequencies. The lower limit of the IF is given by the required measuring time,

Figure 4.8: Signal-to-noise ratio of an ADC as function of the input frequency
and different clock jitter values [31]

signal bandwidth, and latency of the detection algorithm. Also the generation of
a synchronized LO signal has to be guaranteed.

This IQ detection scheme with an appropriate IQ detection algorithm is fur-
ther investigated in the following sections. A hardware realization and the corre-
sponding measurement results will be presented in chapters 5 and 6.
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4.2.4 Direct Sampling

Nowadays, high speed 12 bit ADCs are available with sampling rates of more than
500MSPS and analog input bandwidth of up to 1.5GHz. These ADCs allow to
sample the RF signal directly without any RF converter or IF scheme with a
SNR of more than 50 dB. The advantage is the reduction of the number of input
stages for preconfiguration (downconversion, filter, amplifier, etc.) which reduces
possible errors and noise sources and increases reliability.

The disadvantage is the increasing impact of the clock jitter on the SNR
for higher input frequencies (Fig. 4.8). This linear effect can be reduced by the
process gain due to digital bandlimitation and averaging as function of the square
root. For a required detection resolution of 10−4, an input signal at 1.3GHz with
10MHz signal bandwidth, sampled with 500MHz, leads to a required SNR of the
ADC of 66 dB. This leads to an allowable clock timing jitter of up to 60 fs. With
a signal bandwidth of 1MHz and an internal digital filter with this bandwidth,
the allowable jitter is increased to 200 fs. For a vectorsum of 32 cavities, it is
further reduced to approximately 1 ps.

Because FLASH being a pulsed system, each single RF pulse is detected and
sampled separately. A trigger signal marks the beginning of each pulse, while this
trigger is synchronized with the MO. The clock signal for sampling the IF and
the LO for downconversion has to be synchronized, too. Especially the sampling
process has to start at the same time for each pulse, otherwise the phase of the
detected signal is changed. For higher sampling rates, the trigger signal for the
IQ detection has to be fast enough in order to trigger the sampling process during
one clock cycle. For a sampling rate of 500MHz, the slope has to be below 1 ns.

4.3 Digital Field Detection

Following the description of concepts of RF downconversion and digitalization in
the previous sections, this section presents an algorithm which is used to derive the
I and Q values from the digital data. The algorithm is based on the calculation of
the Fourier coefficients of a Fourier series, the coefficients of the first order being
of interest. For further applications, it could be useful to get coefficients of higher
order, too.

4.3.1 Mathematical Basics

The fundamentals are delivered by the orthogonality of the sine and cosine func-
tion. This attribute allows to get the in-phase (I) and quadrature (Q) component
of a sinusoidal signal in a simple manner. According to [32], the integral over the
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product of a sine and cosine function leads to the following equations:

1

π

2π∫

0

sin(nx) sin(mx)dx =

{
0 m 6= n
1 m = n

(4.21)

1

π

2π∫

0

cos(nx) cos(mx)dx =

{
0 m 6= n
1 m = n

(4.22)

2π∫

0

sin(nx) cos(mx)dx = 0 (4.23)

with n,m ∈ N. We assume a sinusoidal input signal

s(t) = A sin(2πft+ ϕ) = I cos(2πft) +Q sin(2πft) (4.24)

with the amplitude A and the phase ϕ or the in-phase value I and quadrature
value Q. The I and Q values are derived by muliplying s(t) with a sine and cosine
function with the same frequency and integrating over one period T = 1/f .

2

T

T∫

0

s(t) cos(2πft)dt =
2

T

T∫

0

[I cos(2πft) +Q sin(2πft)] cos(2πft)dt

= I
2

T

T∫

0

cos(2πft) cos(2πft)dt

︸ ︷︷ ︸

=1

+Q
2

T

T∫

0

sin(2πft) cos(2πft)dt

︸ ︷︷ ︸

=0

= I (4.25)

2

T

T∫

0

s(t) sin(2πft)dt = . . . = Q. (4.26)

This corresponds to the calculation of the Fourier coefficients of a Fourier series
for a periodic signal

s(t) =
a0

2
+

∞∑

n=1

[an cos(n2πft) + bn sin(n2πft)] (4.27)
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with the coefficients:

an =
2

T

c+T∫

c

f(t) cos(2πnft) dt, (4.28)

bn =
2

T

c+T∫

c

f(t) sin(2πnft) dt (4.29)

and

a0

2
=

1

T

c+T∫

c

f(t) dt (4.30)

with T = 1/f the period of s(t). The coefficients a1 and b1 are identical to I and
Q.

4.3.2 Discrete Series

In our case, s(t) is sampled with sampling period Ts = 1/fs, and the resulting
discrete series of data points s[k] is

s[k] = s(kTs) = A sin(2πfkTs + ϕ)

= I cos(2πfkTs) +Q sin(2πfkTs). (4.31)

Due to this discretization, Eqn. 4.28 and 4.29 for the Fourier coefficients yield
Eqn. 4.32 and 4.33 with summation replacing integration

an =
2

M

M−1∑

k=0

f(kTs) cos(n2πfkTs) (4.32)

bn =
2

M

M−1∑

k=0

f(kTs) sin(n2πfkTs), (4.33)

M is the number of samples per period T . For the coefficients of first order with
n = 1 and the first coefficients a1 = I and b1 = Q, the algorithm delivers I and
Q as

I =
2

M

M−1∑

k=0

s[k] cos(k∆ϕ) (4.34)

Q =
2

M

M−1∑

k=0

s[k] sin(k∆ϕ) (4.35)
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with ∆ϕ, the phase step between two subsequent samples. The relation between
the signal frequency f and the sampling frequency fs is defined by

∆ϕ

2π
=
f

fs

=
P

S
(4.36)

where S is the number of samples that are taken during P periods. The minimum
number of samples for detecting I and Q is given by the least common multiple
(LCM) of S and P divided by P ,

Mmin = LCM(S, P )/P (4.37)

whereas M could be a multiple of Mmin

M = n ·Mmin with n = 1, 2, 3, . . . (4.38)

to ensure that a multiple of the period T of s(t) is used. For a series of samples
s[k] longer than M , the series of I[i] and Q[i] is calculated by

I[i] =
2

M

M−1∑

k=0

s[k + i] cos((k + i)∆ϕ)

Q[i] =
2

M

M−1∑

k=0

s[k + i] sin((k + i)∆ϕ), (4.39)

which describes a sliding window detection (Fig. 4.9 left). The following equa-

Figure 4.9: Sliding window (left) and step window (right) for digital IQ-detection
algorithm

tions describe a step window detection (Fig. 4.9 right).

I[i] =
2

M

M−1∑

k=0

s[k + iM ] cos((k + iM)∆ϕ)

Q[i] =
2

M

M−1∑

k=0

s[k + iM ] sin((k + iM)∆ϕ). (4.40)
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With the sliding window detection, the spectral resolution of the detected IQ sig-
nals remains because of the high sampling rate. With the step window detection,
the update sampling rate is reduced by the number of samples, which are used
for one IQ pair.

4.3.3 FIR Filter and Noise

With the sum of M samples for one I and Q value, a digital finite impulse response
(FIR) filter is applied with coefficients

bI [k] =
2

M
cos

(

2πk
f

fs

)

bQ[k] =
2

M
sin

(

2πk
f

fs

)

. (4.41)
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Figure 4.10: Transfer functions of the FIR filter for the in-phase (top) and quadra-
ture (bottom) value, for P = 1 and S = 3

The transfer function is given by

HI(z) =
M−1∑

k=0

bI [k] · z−k

HQ(z) =

M−1∑

k=0

bQ[k] · z−k (4.42)
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and the amplitude response is depicted in Fig. 4.10. The filter function has a
bandpass characteristic, while the bandwidth of the detection is dependent on
the number of samples M. This allows to implement a noise reduction filter.
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Figure 4.11: Transfer functions of the FIR filter for the in-phase (top) and quadra-
ture (bottom) value, for P = 1 and S = 9

4.3.4 Effects of Nonlinearities

Nonlinearities in the analog front-end or the ADC generate harmonics, which can
be aliased down to the first Nyquist band and disturbe the measurement of the
sampled signal. One can distinguish two cases:

In the first case, a higher harmonic is aliased down to the wanted signal.
This results in a constant error. However, it is dependent on the phase of the
detector input signal. The phase of the n-th harmonic changes n-times faster
than the fundamental phase. As a result of phase shifts in the cavity signal due
to microphonics and Lorentz force detuning, this error leads to a time dependent
error.

The second case occurs, when the harmonics are aliased close to the wanted
signal. If the aliased harmonic is within the bandwidth of the digital filter func-
tion, it acts like modulation sidebands and will produce amplitude and/or phase
modulation on the wanted signal, which yields a time dependent error, too.

The singularities of the FIR filter (Fig. 4.10 and 4.11) depend on the number
of samples M taken for calculating the I and Q values. The positions of these
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singularities are

f0 = m · fs

M
, m = 1, 2, . . . (4.43)

except when f0 is equal to f . The harmonics of the frequency f generated by the
detector nonlinearities are

fn = n · f = n · fs

S
P, (4.44)

while all harmonics are aliased to a singularity, unless they are aliased to f . The
above mentioned second case does not occur, if the Eqn. 4.36 and 4.37 are valid.
With different coefficients of the digital FIR filter, the detection can be tuned to
another frequency. To detect the n-th harmonic, the coefficients are

bI [k] =
2

M
cos

(

2πk
n f

fs

)

bQ[k] =
2

M
sin

(

2πk
n f

fs

)

. (4.45)

This could be used to measure the nonlinear distortions and correct this compres-
sion during detection. One problem could, however, be the small SNR of these
harmonics.
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Chapter 5

Hardware Development

From the simulation results in chapter 3, the optimal loop gain value for minimum
noise contribution of the LLRF system to the cavity field can be determined. The
possibilities to improve the noise contribution of the detector in order to increase
the optimal loop gain value will be discussed in the following chapter. In the
previous chapter, different types of RF detection schemes had been presented.
The realization of one of them is described in this chapter. Based on the results
and experiences of the realization, and the blackbox model of chapter 4, criteria
for an optimization are set up.

Because of the usage of a digital LLRF control scheme, the analog signals
from the cavities have to be digitized by ADCs. The disadvantage of an ADC is
its finite resolution, depending on the possible number of bits, which leads to a
limitation of the whole detector resolution. Therefore, the ADC will be included
in the detector development in order to improve selection and matching.

The IF sampling scheme is chosen, because the baseband sampling exhibits
more error sources and requires two ADCs instead of one. The IQ-Sampling,
on the other hand, requires a higher analog bandwidth due to the switched sig-
nals, which leads to aliasing. Compared to the direct sampling scheme, the
requirements for the signal processing unit for the IF sampling scheme are less
demanding. For the injector linac, the SNR values of the high speed ADCs which
are available nowadays, are too low for direct sampling at an input frequency of
1.3GHz.

The IF sampling scheme allows to operate a manageable sampling rate and
an intermediate frequency value with moderate complexity of the analog front-
end, while the requirements for signal processing are feasible. Nevertheless, the
requirements for the synchronized LO and CLK signals have to be kept in mind.

67
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5.1 IF Sampling Detector

Compared to a classical receiver in communication systems, where the power
level of the detectable signal is up to -50 dBm (SNR of about 54 dB for 10MHz
signal bandwidth), the power level of the cavity probe signal is very high (up to
+30 dBm for a maximum gradient of 25MV/m), which leads to an available SNR
of 134 dBm for 10MHz bandwidth. The actual difficulties to realize the high level
detector are the nonlinearities of the analog front-end and the limited resolution
and full scale input voltage range of the ADC.

Nowadays available high resolution ADCs with 14 - 16 bits and sampling rates
up to 100MHz deliver a SNR of 70 - 80 dB for a bandwidth of half of the sampling
rate. With a signal bandwidth of 10MHz (1MHz), the SNR can be increased
by a factor of 10 dB (20 dB). The full scale input voltage is limited to a range
of 2 - 2.5Vpp, which leads to an input power range of 10 - 12 dBm at 50Ω. The
implication of the ADC to the detector development requires a readout system
and a desired pre-processing for the digital data. Therefore, a modular concept
is chosen, which is based on a digital motherboard with pluggable mezzanine
cards, where the analog front-end and the ADC are provided on. This concept
is preferred to a complete design on one PCB for the possibilities of changes in
the analog front-end and of an ADC exchange. It is planned as a test enviroment
for different applications in diagnostics (beam arrival monitor (BAM) [27] or
beam position monitor (BPM) [28]), too. Furthermore, an electrical decoupling
is desired, in order to reduce pertubations from the digital part, while the analog
front-end and the ADC are separated. The connection of both is realized with
a transformer, which provides a galvanic isolation and separates the analog and
digital ground1.

The detector has to provide 8 channels, which are connected to the 8 cavity
probes of one ACC-Module (q.v. chapter 2). The limited space requires a so-
phisticated design to place 8 channels on a VME-sized board (210x160mm) and
to avoid crosstalk between adjacent channels. Due to the limited isolation of the
mixer ports, especially for the RF and LO port, the RF signal from one channel
is distributed spuriously via the LO distribution network to the other channels
and perturbs the measurements. This holds for the power supply network, too.
Crosstalk along the PCB itself can be reduced by an advanced design, like sepa-
rated ground layers, no parallel routed RF lines close together, or short distances
between RF components.

Additionally, a metal housing for the analog front-end and the ADC is de-
signed for mounting the mezzanine cards to the motherboard and shielding the
susceptable detector electronics. It provides a stable ground for the cavity pickup
signals, which are distributed over 20 - 30m long cables from the cavity pickup to
the input of the detector. For further developments, the packaging density has

1Only conditionally correct, because of the ADC input belonging to the analog part.
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to be increased in order to provide more than 8 channels (up to 16 or 24) on one
PCB. The integrated circuit components of the detector should be available from
industry, whereas in-house developments should be avoided.

5.1.1 Selection of Components

The RF mixer and the ADC are the essential components of the detector. The
mixer is mainly responsible for the linear operation of the detector, while the
ADC limits the required resolution. The selection of these devices is described
in the next section, where different types of RF mixers and ADCs are presented
and compared.

Mixer Selection

The contribution of the mixer to the overall detector noise is comparatively low.
Due to the high input power, the linearity requirements for the mixer are more
important. Traditionally, for a linear conversion of the mixing process, the mixing
device has to have an appropriate characteristic and the power level at the LO
port has to be higher than at the RF port [14].

One has to distinguish between active and passive mixers. The active mixers
commonly offer an amplification from the RF port (input) to the IF port (output)
and require an external power supply. Mainly, they are based on transistor cir-
cuits (Gilbert-cell mixer) or diodes (double balanced mixer) with internal buffer
amplifier for the RF or IF port. Passive mixers are lossy networks and require
no external power supply. They are based on diode circuits and the required
power for driving the diodes is delivered by the LO. The advantage of active
mixers is their conversion gain, which is mostly in the range of up to 7 dB, while
passive mixers are characterized by a conversion loss. Due to the active elements
(transistors, buffer amplifiers) in the active mixer, the internal noise sources are
comparatively higher than in the passive mixer, and the noise figure of an active
mixer is in the range of 12-14 dB. The main cause for a degradation of the SNR by
passive mixers is a result of the conversion loss, so that the mixer is comparable
in its noise behavior to an attenuator. In good approximation, the noise figure of
a passive mixer is the inverse of the conversion loss [14].

The required LO power level to switch the diodes of a passive mixer is higher
than for an active mixer. For passive mixers, it is necessary to have a considerably
higher LO power level than the input power level. The lower the difference
between the LO and input power level, the lower is the grade of linearity. This
results from the small signal condition being broken. The nonlinear characteristic
of the diode affects the input signal, too.

Passive mixers are classified in different types of required LO power levels.
Depending on the power level, the mixers are named low, middle, and high power
mixers. Low power usually means 7 dBm, middle is equivalent to 13 dBm and
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high is defined from 17 dBm up to 21 dBm (27 dBm) power level for the LO
input. Meanwhile, manufacturers deliver high level passive mixers with internal
LO buffers, which allow to provide LO power level in the range of 0 dBm, but
with the performance of a high level passive mixer.

Active mixers deliver a better isolation between the input and output ports
of the mixer. This is an important point for multichannel applications, where
crosstalk between adjacent channels causes problems. The main contribution of
the crosstalk originates in the LO-distribution and the poor isolation of the RF
and LO port. The isolation is mainly affected by the matching of the mixer ports.

Tab. 5.1 shows some available mixer ICs from different companies and their
parameters in the frequency band around 1.3GHz. The HMC483 [33] is cho-

Typ G NF IP1dB OIP3 LO R-L Iso L-I Iso
[dB] [dB] [dBm] [dBm] [dBm] [dB] [dB]

HMJ7 -8.5 10.5 23 25.5 21 -24 -30
SYM-25DHW -6.4 6.4 9 23.6 20 -37 -28
HMC483 -9 9 26 28 0 -14 -10
LT5527 3 12 9 27 0 -43 -50
LT5557 3 10.5 8.8 28.5 -3 -50 -42
AD8342 3 12 8 27 0 -55 -27
AD8343 4 13 3 22 -10 -50

Table 5.1: Typical mixer parameters for an RF of 1.3GHz and IF of 50MHz
(10-70MHz) based on datasheets.

sen for the further development. In comparison with the other mixers in Tab.
5.1, the input compression point (IP1dB) is maximum and the noise behavior is
acceptable. It is a highly linear double balanced mixer with an output IP3 of
28 dBm and a conversion loss of L = 9 dB at 1.3GHz. A further advantage of
this high level passive mixer is the internal LO buffer, which reduces the required
LO power to a range of 0 dBm. The IF bandwidth of the mixer is up to 350MHz.
A disadvantage of this mixer, on the other hand, is the low isolation between the
three mixer ports.

ADC Selection

For the digital conversion and sampling of the IF signal, a high speed, high
resolution ADC is required. In Tab. 5.2, parameters from the datasheets of
different types of ADCs are summarized for an input frequency band of 30 to
70MHz. The main parameters of interest are the SNR and the spurious free
dynamic range (SFDR). For the concept of IF sampling, a low internal ADC
jitter is required. The LTC2207 [34] was chosen due to the high SNR, the low
internal jitter, and the small package size (7x7mm). The AD9446 [35] possesses



5.1. IF SAMPLING DETECTOR 71

Typ Bits fs,max SNR [dBFS] SFDR [dBc] VFS tj

[MSPS] 70MHz 70MHz [Vpp] [fs]
LTC2207 16 105 77.5 90 2.25 80
LTC2208 16 130 77.5 90 2.25 70
AD6645 14 80 73.5 87 2.2 100
AD9461 16 130 77 84 3.4 60
AD9446 16 100 79 89 3.2 60
ADS5546 14 190 73.5 87 2.0 150

Table 5.2: Typical ADC parameters for an input frequency of 70MHz based on
datasheets.

a better SNR, but its package size is two times larger (16x16mm), and the power
consumption of up to 2.8W is much higher than that of the LTC2207 with 1W.
With the small package size of the LTC2207, it is easily feasible to assemble 8
detector channels on one VME-size board.

5.1.2 The Prototype Detector

A block diagram of the detector based on HMC483 and LTC2207 is depicted
in Fig. 5.1. To keep the noise contribution of the analog front-end as low as
possible, a complete passive structure is built. Due to the high available input

Figure 5.1: Block diagram of the detector based on HMC483 and LTC2207

power of the cavity probe signal, the conversion loss of the passive front-end can
be compensated. The high input power leads to a high SNR at the detector
input, while the first stages have to handle these high power levels and require
high linearity.

At the input of the detector, a digitally controlled attenuator (HMC540 [33])
is used to set the high input power level to an optimal operating point of the
subsequent sections, which means -1 dB below full-scale operation of the ADC
input. The HMC540 is a 4 bit digital attenuator with 1 dB attenuation steps and a
maximum attenuation value of 15 dB. The insertion loss is about 1 dB at 1.3,GHz
and the input IP3 is 50 dBm (0 - 4 dB) and 45 dBm (5-15 dB), respectively. This
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leads to an amplitude compression error below 1% for a maximum input power
of 20 dBm. The control lines of the input attenuator are filterd with RC-filter
arrays to avoid crosstalk to the other receiver channels. The coupling between

Figure 5.2: Photo of the detector chassis

the mixer and the ADC is done by a filter and a step-up transformer. The IF
bandpass filter behind the mixer suppresses the unwanted mixing products and
avoids aliasing of frequency components which are not in the band of interest. It
is realized as a lumped element LC Chebychev bandpass filter of third order and
delivered by industry [36].

The step-up transformer (ADT8-1T [37]) is used for transformation of the
single-ended output signal of the filter to a differential input signal at the ADC
input. Furthermore, it adds an offset voltage which is required for the internal
ADC input stage. With an impedance ratio of 1:8, it provides a noiseless voltage
gain of 2.83 or 9 dB, while the impedance at the ADC side of the transformer
is stepped up to 400Ω. A higher step-up ratio was tested (up to 1:16), but the
source impedance of the driving signal should not be higher than 400Ω, otherwise
the internal sampling capacitors of the sample-and-hold stage are not completely
loaded during the sampling time. This leads to a reduced detected signal level
and to higher distortions. The design of the ADC board is extracted from the
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evaluation board and realized as described in the datasheet [38].
The LO distribution, the power supply, and the distribution of the digital

control signals for the input attenuators are provided by a further PCB, which is
placed in the metal housing, too. All distributions to each channel are done by
cabling, while the clock signal and the power supply for the ADCs are provided
by the digital motherboard and additional connectors for each channel.

5.1.3 Frequency Selection

A sampling frequency of 81MHz is chosen, while the IF is 54MHz and the LO
frequency is 1354MHz, respectively. This frequency constellation leads to an
undersampling scheme. The minimum number of samples for the detection of
one pair of IQ values is 3 samples in order to fulfill Eqn. 4.25 and Eqn. 4.26.
They are taken during 2 periods of the IF. This leads to a maximum bandwidth
of the detection of 27MHz and a minimum detection time of 37 ns, respectively.
For a required signal bandwidth of 10MHz, 9 samples have to be taken for IQ
detection, which leads to a bandwidth of 9MHz. For a bandwidth of 1MHz, 81
samples are necessary.

Figure 5.3: Aliasing of harmonics of fIF,1 = 54MHz (top) and fIF,2 = 36MHz
(bottom) at a sampling frequency fs of 81MHz.

A disadvantage of this frequency constellation is the aliasing of the higher har-
monics (2nd, 4th, and 5th) of the 54MHz signal down to 27MHz as depicted in
Fig. 5.3 (top) which leads to distortions. Therefore, an IF-filter between mixer
and ADC must be provided.

An alternative IF of e.g. 36MHz would avoid this aliasing. All harmonics
are aliased to different frequencies in the first Nyquist band (Fig. 5.3 (bottom)).
The minimum number of samples required for IQ detection is increased to now
9 samples (during 4 periods of IF), which leads to a maximum measurement
bandwidth of 9MHz or detection time of 111 ns.
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5.1.4 Performance Estimation

To estimate the performance of the detector with respect to noise and linearity,
the noise figure NFsys and the third order output intercept point OIP3sys of the
detector are calculated. The parameters for each stage are shown in Tab. 5.3. The

high level digital HMC483 BP- 1-to-8 ADC
Att. Att. Mixer Filter Transf.

NF [dB] 10 8 9 1 1 35
G [dB] -10 -8 -9 -1 9 /
OIP3 [dBm] 100 37 28 100 100 /
Pin [dBm] 30 20 12 3 2 11
Pout [dBm] 20 12 3 2 11

Table 5.3: System parameters for each converter stage

high level attenuator at the detector input is used to decrease the available power
level of the cavity probe of 30 dBm down to an adequate power level of 20 dBm
for the digital attenuator, while the digital attenuator is set to an attenuation
level of 8 dB to get an IF power level of 11 dBm at 50Ω at the ADC input. The
OIP3 of the attenuator is dependent on the set attenuation level.

The ADC noise figure of 35 dB is determined by the SNR of 74 dB, a sampling
frequency of 81MHz, and for full-scale operation of the ADC [18]. The overall
noise figure NFsys of the detector amounts to 54 dB, while the system third order
output intercept point, OIP3sys, is 33 dBm and the system gain, Gsys, is −19 dB.

The calculated equivalent input white noise floor of −150 dBc/Hz integrated
over the measuring bandwidth of 9MHz results in a rms jitter of 0.95 · 10−4 for
amplitude and phase (radian). For a detection bandwidth of 1MHz, the rms
jitter is 0.32 · 10−4 for both amplitude and phase (radian).

With an output intercept point of OIP3sys = 33dBm, the amplitude com-
pression error of the detector reads 0.6% at full scale operation of the ADC. The
complete characterization and measurement results of the prototype are presented
in chapter 6.

5.2 Detector Optimization

For optimization of detector performance, especially the linearity performance, a
structure based on the prototype circuit described in the previous section is used.
The block diagram is shown in Fig. 5.4.

The mixer (stage 2) and the ADC (stage 4) are the main components of the
prototype circuit and determine the essential parameters for detector develop-
ment. The optimization parameter is the gain value of a feasible amplifier
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Figure 5.4: Detector based on HMC483 as stage 2 (Mixer) and LTC2207 as stage
4 (ADC). The first stage is an attenuator and the third stage is an amplifier.

(stage 3) between mixer and ADC, while the first stage is assumed to be an
attenuator in order to adjust the input level for getting an IF power level of
11 dBm at 50Ω at the ADC input.

The LLRF system is based on a digital control loop, which requires digitized
signals from the detector. The first constraint describes the maximum output
power Pout,FS of the detector, which is related to the full scale (FS) operation of
the ADC to exploit its full resolution. With this condition for the output power
and the requirements for a maximally acceptable nonlinearity amplitude error
(∆A/A)NL, the power level of the intercept point of 3rd order of the complete
detector POIP3,sys can be determined (Eqn. 4.16). It describes the nonlinear be-
havior of the complete detector. For a maximum ADC input voltage of 2.25Vpp

at 50Ω, the equivalent full scale input power of the ADC or the maximum out-
put power of the analog front-end Pout,FS is 11 dBm. With a feasible amplitude
compression error of (∆A/A)NL ≤ 1% (Section 3.6), the POIP3,sys has to be larger
than 36 dBm.

With a step-up transformer with an impedance ratio of 1:8, the input impedance
at the ADC is increased to 400Ω and the equivalent input power of the ADC is
decreased to 2 dBm, while the POIP3,sys can be larger or equal to 26 dBm.

POIP3,sys =

(
1

POIP3,1G2G3
+

1

POIP3,2G3
+

1

POIP3,3

)−1

(4.11)

The smallest denominator in Eqn. 4.11 determines the OIP3 of the whole system.
If one assumes an amplifier for the last stage in the cascade in front of the ADC,
the contribution of the first stages decreases by the amplifier gain. This means,
that the OIP3 of the amplifier dominates the system OIP3. If the gain of the last
stage is increased, the input level of the first stage can be decreased for a constant
output level. With a lower input level, the power level of the subsequent stages
are also lower, and their contribution to the compression error decreases. It is
also obvious, that the gain of the first stage does not influence the contribution
of the OIP3 of the subsequent stages to the system OIP3, contrary to the noise
figure.
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The limitation of the gain value is given by the amplified noise contribution
of the analog front-end. The noise of the ADC is the maximal contribution to
the overall noise of the whole detector. If the gain increases, the noise of the
analog front-end will be amplified and increases, too. The maximum gain value
is reached, if the amplified noise contribution of the analog front-end is of the
order of the ADC noise. An optimal operating point of the detector, where both
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Figure 5.5: Contribution of compression error (right) and noise (left) as function
of amplifier gain; amplifier settings at 70MHz (based on LTC6401-20): IIP3 =
30.5 dBm, NF = 6.1 dBm;

the compression and the noise contribution are below their required value, can be
determined with respect to the gain of the amplifier. It depends on linearity and
noise of the previous stages. The limits of the noise contribution and tolerable
deviations from linearity are the ADC noise and the compression error of the
amplifier, respectively, which is affected by the frequency, too. This leads to an
additional argument for a lower IF.



Chapter 6

Measurement Results

In this chapter, the performed tests and obtained results of the field detector
are described. In the first part, the detector is characterized in the laboratory.
Two different signal generation set-ups are described and compared and the used
measurement set-up is presented.

The characterization of the detector is mainly focused on its noise and linearity
performance. The noise performance is determined by the SNR and the measured
rms amplitude and phase resolution. Both values are dependent on the detection
bandwidth. The required rms amplitude and phase resolution for a detection
bandwidth of 1MHz are both 10−4. The linearity performance is determined by
measuring the intercept point of third order (IP3) by a two-tone test. This value
leads to the compression error depending on the amplitude of the operating point.
The requirements of the vectorsum calibration lead to a tolerable compression
error of 1% in amplitude and of 0.5◦ in phase. Further tests are performed to
determine the channel-to-channel crosstalk and the temperature coefficients for
amplitude and phase.

In the second part of this chapter, the detector is tested in the accelerator
environment. The main purpose is to evaluate the measurement resolution of the
detector embedded in a perturbed system supporting signals of the accelerator
environment. Afterwards the detector is integrated in the control loop and the
thus achieved field stability is determined.

6.1 Single Channel Characterization

The first characterization of a single detector channel was done in the laboratory
under almost ideal conditions. Here pertubations from the accelerator environ-
ment are not present. There are neither high voltage switching devices like the
modulator of the klystron nor a lot of digital electronics embedded in the mea-
surement set-up. The digital readout board (ACB2.0) was not ready during these
tests and not all detector boards were assembled. Therefore, only single channel

77
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tests were performed. The readout of the digital data of the ADC was done with
a logic analyzer and two 16Bit probes. A maximum of two detector boards could
be tested in parallel. The signal processing and data analysis (IQ detection) was
done offline with MatLab.

6.1.1 LO and CLK Generation

For the laboratory characterization of the detector, three test signals had to be
generated: the RF input signal at 1.3GHz with an adjustable power level, the
LO signal for the mixer at 1.354GHz with 0 dBm power level, and the sample
clock (CLK) for the ADC at 81MHz with approximately 10 dBm power level.

To assure measuring the resolution of the detector and not the quality of
the signals, correlated signals for the RF, LO, and CLK inputs had to be used.
Especially uncorrelated phase jitter on the three test signals will be seen as phase
jitter on the measured signal. It cannot be distinguished between detector induced
jitter or generator induced jitter. The amplitude jitter of the RF signal generators
is comparatively low and can be neglected.

The first trial was done with three separate RF signal generators (3GEN set-
up), which are synchronized via the 10MHz reference signal at the rear panel
of the generators to guarantee a synchronized phase. The disadvantage of this
scheme is the limited locking bandwidth of the internal PLL of each generator,
which leads to less correlated phase jitter, especially for low frequency jitter below
100Hz. The second set-up for test signal generation is depicted in Fig. 6.1. This

Figure 6.1: Signal generation set-up

signal generation set-up (DIV set-up) has been chosen to assure correlated phase
jitter on all three input signals, except for phase noise from the used amplifier
and frequency dividers. A 1.3GHz Dielectric Resonator Oscillator (DRO) [39]
was used as RF input and as reference for LO and CLK generation. The LO
signal is generated by dividing the 1.3GHz by 24 and mixing it with the 1.3GHz
again. The CLK signal was generated by dividing the 1.3GHz by 16. Amplifiers,
attenuators, and filters were used to adjust signal levels and suppress unwanted
frequencies, especially at the mixer output.
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Figure 6.2: Spectrum of ADC raw data for different signal generation schemes
with intermediate frequency of fIF = 54MHz and sampling frequency of fs =
81MHz.

The difference in the signal quality can be observed in Fig. 6.2. It shows the
spectrum of the raw data of the ADC (sampled IF signal) measured with both
the 3GEN and the DIV set-up. In the spectrum, a higher noise floor of the
3GEN set-up can be observed. The plateau around the carrier originates from
the bandpass filter (54MHz, 10% bandwidth) in front of the ADC. The main
contribution of the noise floor is that of the LO signal via the mixer. The noise
contribution due to the CLK signal would increase the overall noise floor of the
spectrum, because it acts behind the bandpass filter in the sampling process of the
ADC. The measured rms amplitude and phase jitter for a detection bandwidth
of 1MHz of the 3GEN set-up are

(
∆A

A

)

rms

= 0.89 · 10−4 ∆ϕrms = 2.87 · 10−4 rad

and for the DIV set-up

(
∆A

A

)

rms

= 0.33 · 10−4 ∆ϕrms = 0.67 · 10−4 rad.

The rms amplitude jitter of the DIV set-up is 3 times lower than that of the
3GEN set-up, while the rms phase jitter is 4 times lower.
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6.1.2 Measurement Set-up

The measurement set-up for characterizing the detector is shown in Fig. 6.3.
The signal generation set-up (DIV set-up) is connected to the detector (DUT).
For intermodulation tests, a second signal source (RF 2) with a frequency shift
of 1MHz was added. The amplifiers in front of the combiner were used for
decoupling the signal sources.

For drift characterization, the detector and the DIV set-up were installed
separately in an oven with a temperature stabilization of about 0.1◦C. To deter-
mine the temperature coefficient of the detector, the response of a temperature
step of approximately 10◦C on oven No. 2 was measured. A rough temperature
measurement was done to estimate the influence of each converter stage on the
temperature coefficient of the system.

A logic analyzer was connected to the detector (ADC) to acquire and analyze
the digital data. For temperature recording, a conventional data logger with
temperature sensors was applied.

Figure 6.3: Measurement set-up for detector characterization

Due to the chosen intermediate frequency of 54MHz and the sampling frequency
of 81MHz, the minimal number of samples for IQ detection is 3. This leads to
a detection bandwidth of 27MHz. With 9 samples, the detection bandwidth is
decreased to 9MHz. For a detection bandwidth of 1MHz, 81 samples have to be
used for IQ detection. In the subsequently described tests, a detection bandwidth
of either 1MHz or 9MHz were used, respectively.

6.1.3 Results of the Laboratory Test

Without the high power attenuators and a reduced attenuation level of the digital
input attenuator down to 1 dB, an input power level of 17 dBm is necessary to get
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full scale operation of the ADC. For the same attenuator settings, the calculated
value yields 13 dBm. This difference results from higher insertion loss of the mixer
and bandpass filter and from a reduced step-up ratio of the transformer because
of impedance mismatch at the ADC input. The system gain is

Gsys = −6 dB.

The measured values of the rms amplitude and phase jitter at −1 dBFS operation
of the ADC are

(
∆A

A

)

rms

= 0.92 · 10−4 ± 5.2 · 10−6 ∆ϕrms = 1.7 · 10−4 ± 1.4 · 10−5 rad

for a detection bandwidth of 9MHz, and
(

∆A

A

)

rms

= 0.37 · 10−4 ± 4.7 · 10−6 ∆ϕrms = 0.9 · 10−4 ± 2.3 · 10−5 rad

for a detection bandwidth of 1MHz. The phase jitter corresponds to an integrated
timing jitter at 1.3GHz of 20.8 fs and 11.0 fs, respectively. The measurement time
was 400µs, which leads to a lower corner frequency of 2.5 kHz. The calculations
in section 5.1.4 yield a jitter of 0.95 · 10−4 for 9MHz and 0.32 · 10−4 for 1MHz.
The measured amplitude jitter is in the same range, while the measured phase
jitter is approximately 3 times higher. This is caused by a higher white noise
floor of the phase, by the 1/f noise of the mixer, and by the internal LO buffer
of the mixer, respectively [40].

The nonlinearity performance of the detector is measured by a two-tone test
with a difference frequency of ∆f = 1MHz. This method offers a higher accuracy
than a linear power sweep with a network analyzer. The measured intermodula-
tion distance (Fig. 6.4) of the lower sideband is 45.6 dBc and for the upper side-
band 43.6 dBc, while the power levels for the two carriers are Pω1

= −6.6 dBFS
and Pω2

= −5.6 dBFS. Both values lead to a system IP3 of

POIP3 = 16.2 dBFS = 27.3 dBm.

or

PIIP3 = 22.2 dBFS = 33.3 dBm.

The measured POIP3 is 6 dB lower than the calculated one. A possible reason
for the linearity degradation could be the saturation of the ferrite in the step-up
transformer. The main contribution to the system OIP3 is caused by the mixer.
The amplitude compression error for full scale operation of the ADC (11 dBm =̂
−1 dBFS) reads

(∆A/A)NL = 2.34 %.
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Figure 6.4: Measured intermodulation spectrum with ∆f = 1MHz. Intermod-
ulation distance is 45.6 dBc for the lower sideband and 43.6 dBc for the upper
sideband.
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Figure 6.5: Measured crosstalk of 66.7 dB between two adjacent channels; Chan-
nel 1: with input power; Channel 2: matched with 50 Ω
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The requirement for the amplitude compression error to be smaller than 1%
requires an OIP3 of 31 dBm for full scale operation.

The channel-to-channel crosstalk is determined to be −66.7 dB (Fig. 6.5) by
measuring two channels in parallel, one with input power (Channel 1), while the
other one is terminated with 50Ω at its input (Channel 2). Its main contribution
is caused by the low RF-to-LO isolation of the mixer and by the low isolation of
the power splitter outputs in the LO distribution network.
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Figure 6.6: Results of the drift measurement with a temperature step of 12◦C.

The results of the drift characterization are shown in Fig.6.6. The determined
temperature coefficients of the detector for amplitude and phase are

θA = 2 · 10−3/◦C θφ = 0.2◦/◦C.

The main contribution to θA is caused by the digital input attenuator, while the
contribution to θφ is caused by the mixer and the bandpass filter. The tempera-
ture sensitivity of the ADC is insignificant for both amplitude and phase.
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6.1.4 Conclusion

For a measurement bandwidth of 1MHz, a rms amplitude jitter of 0.37 ·10−4 and
a rms phase jitter of 0.9 · 10−4 rad are achieved, which fulfill the requirement to
be below 10−4. Jitter and drift of the LO directly limit the detector performance,
whereas the ADC clock jitter is less significant. A stable LO signal generation is
needed, also for frequencies below 100Hz and for phase drifts caused by temper-
ature changes. Presently, the ADC limits the high frequency noise performance
of the field detection.

The amplitude compression error of the detector nonlinearity of (∆A/A)NL =
2.34 % is beyond the required value of 1 %. An improvement could result from an
additional low noise and high linear buffer amplifier in front of the ADC, in order
to reduce the power level of the operating point of the mixer. It is also possible
to implement linearization techniques.

The temperature coefficients for amplitude and phase, θA = 2 · 10−3/◦C and
θφ = 0.2◦/◦C, require a temperature stabilized environment and a drift compen-
sation.

Besides using a passive low-noise front-end, the improved detection resolution
is caused by the detection scheme and the reduced detection bandwidth of 1MHz.

6.2 Tests at FLASH

For the performance tests of the detector at FLASH two steps were performed.
First of all, the noise behavior of the detector installed in the accelerator environ-
ment was investigated and compared with the results of the laboratory tests. The
analysis was done both in the frequency and time domain. It was observed that
disturbances from other systems in the environment disturb the quality of the
field detection. Afterwards, the behavior of the detector in the control loop was
investigated. To begin with, a single cavity was used as the plant in the control
loop, and the maximal reachable loop gain and field stability were determined.
In the next step, the same tests were performed with the vectorsum of 8 cavities,
which required a vectorsum calibration. At last, an energy stability measurement
was performed, in order to evaluate the quality of the field control. The purpose
of these tests was to get a field stability of 10−4 for a detection bandwidth of
1MHz in amplitude and phase with the new IF sampling scheme and the chosen
hardware set-up.

For the performance tests at FLASH, the new detector and the digital readout
board ACB2.0 were installed at the accelerator. The cavity signals were connected
to the detector inputs. The LO signal for the mixers and the CLK signal for
the ADCs were provided by a separate set-up, which has also been used in the
laboratory tests. The 1.3GHz reference was taken from the MO, in order to
guarantee synchronized LO and CLK signals to the RF of the cavity field. To
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prevent an overdrive of the digital input attenuators of the detector, 10 dB high
power attenuators were installed in order to reduce the input power level down
to the required 20 dBm. The output power of the cavity probe is up to 30 dBm
for a maximum gradient of 22MV/m.

6.2.1 Detector Performance

In the first step, the noise performance of the detector was evaluated by measuring
its resolution without an input signal. The equivalent input noise of the eight
detector channels was measured. It is summarized in Fig. 6.7 for three different
cases. In the first one, the analog front-end was switched off and the RF and LO
inputs were matched with 50Ω in order to get the resolution of the ADC. In the
second case, the power supply for the analog front-end was switched on, while
the LO and RF inputs were still matched. At last, the LO signal was connected
to the mixers.
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Figure 6.7: Measured detector noise for a detection bandwidth of 1MHz and
three different input constellations.

With the analog front-end switched off, the resolution of the ADC for a detection
bandwidth of 1MHz was below 0.3 · 10−4 for all eight channels. The spectra
of channel 2 and 8 are depicted in Fig. 6.8 as a representative selection of all
channels. Some spurious lines below -100 dBFS are visible, while the noise floor
is at −120 dBFS for both channels. With a FFT length of N = 131072 points,
a sampling frequency of fs = 81 MHz, and a full scale input power of PFS,ADC =
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11 dBm, the noise floor can be determined to be

SADC = −147.9 dBFS/Hz=̂ − 136.9 dBm/Hz. (6.1)

With the thermal noise floor of −174 dBm/Hz, the equivalent noise figure can be
determined as NFADC = 37 dB.
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Figure 6.8: Spectra of raw data of channels 2 and 8; RF and LO inputs are
matched with 50Ω and the analog front-end is switched off.

When the analog front-end is switched on, the noise in channels 2, 4 and 6
increases (Fig. 6.7). In the spectrum (Fig. 6.9), the noise floor of channel 2
increases by 10 dB and by 20 dB between 25MHz and 35MHz. The spectral line
at 4MHz is of minor relevance, because it is out of the frequency band of interest,
which is around 27MHz. The origin of the increased noise floor and the spectral
line is still unknown and has to be investigated. In channel 8 the noise floor is still
at -120 dBFS. With the connected LO, the noise of all detector channels increases
(Fig. 6.7), except for channel 2. In the spectra of channels 2 and 8 (Fig. 6.10),
an additional spectral line at 27MHz with an amplitude of -65 dBFS is visible,
while the noise floor in channel 2 decreases down to -120 dBFS again. This line
at 27MHz could be the 1.3GHz of the MO, fed through the LO generation set-up
and coupled to the input of the mixer. In time domain (Fig. 6.11), the crosstalk
of the RF gun pulse to the detector channel is visible in channel 8. This signal
crosstalk is visible with the old detection system as well, while the path of it is
still unknown. The 27MHz component in the spectrum of channel 8 could be the
crosstalk of the RF gun pulse, too. Crosstalk is possible via the power supply,
the MO, or unshielded cables along the whole environment.
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Figure 6.9: Spectra of raw data of channels 2 and 8; RF and LO inputs are
matched with 50Ω and the analog front-end is switched on.
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Figure 6.10: Spectra of raw data of channels 2 and 8; the RF inputs are matched
with 50Ω and the LO signal is connected.
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Figure 6.11: Detected amplitude of channels 2 and 8 with detection bandwidth
of 1MHz; crosstalk of RF gun pulse is visible in channel 8;

However, with all these disturbances and the RF gun crosstalk, the detector
resolution with a detection bandwidth of 1MHz is still below the required 10−4.

To measure the detector resolution with an input signal, the MO is used
as RF signal and connected to each detector channel. Because LO and CLK
signals are generated by the MO, all signals are synchronized and derived from
the same source. The measurement conditions are comparable to the laboratory
tests, except for disturbances from the accelerator environment. In Fig. 6.12,
the spectra of channels 2 and 8 are shown once more. The downconverted and
sampled 1.3GHz signal is visible as the spectral line at 27MHz. Four additional
spectral lines are observable close to the carrier. They are located in the band
of interest of 1MHz around the carrier (Fig. 6.13). For all channels these lines
are below −80 dBFS. For each channel, the amplitude and phase stability for
detection bandwidths of 9MHz and 1MHz are measured and presented in Fig.
6.14. The reduction of the detection bandwidth from 9MHz to 1MHz yields
twice better jitter values. Only the values of the amplitude jitter of the last five
channels for a detection bandwidth of 1MHz reach the required value of 10−4.

The final measurement of the detector performance test was done with the
cavity probe signals. All probe signals were connected to the detector and the
attenuation level of the digital input attenuators were adjusted to get a signal
level close to the ADC full scale range for maximum gradient. The amplitude
and phase of cavities 2 and 8 are shown in Fig. 6.15 with a detection bandwidth
of 1MHz. During the first 500µs, the cavity field is built up, followed by 300µs
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Figure 6.12: Spectra of channels 2 and 8; the 1.3GHz of the MO is used as RF
input signal
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Figure 6.13: Spectra of channels 2 and 8 zoomed to the carrier; two sidebands at
300 kHz and 700 kHz are visible. They are below −80 dBFS.
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Figure 6.14: Rms amplitude and phase jitter of the detected 1.3GHz signal of
the MO for a detection bandwidth of 9MHz (solid) and of 1MHz (dashed).
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Figure 6.15: Amplitude and phase of the field vector in cavities 2 and 8 for a
detection bandwidth of 1MHz.
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of constant gradient and phase (flat-top phase), and then the forward power is
switched off and the cavity field decays.
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Figure 6.16: Zoomed flat-top phase of amplitude and phase (Fig. 6.15, detection
bandwidth of 1MHz)

In Fig. 6.17, the spectra of the flat-top phase of both channels are depicted.
Close to the carrier, the 8/9π-mode is visible and the noise floor increases. For
each channel, the amplitude and phase stability of the cavity probe signal during
the flat-top phase has been measured for different detection bandwidths. They
are shown in Fig. 6.18. With reduced detection bandwidth, less high frequency
noise disturbs the resolution of the field detection. The 8/9π-mode close to the
carrier is still present at the amplitude and phase of the cavity probe signal (Fig.
6.19). This also holds for the reduced detection bandwidth of 1MHz.

6.2.2 Single Cavity Results

For the first tests of the detector within the control loop, only one cavity field
(cavity 6) was controlled by the control loop. The other cavities were disregarded
by setting the calibration matrices to zero. They were not considered by the
controller.

The detected measures were the high frequency rms fluctuation of the ampli-
tude and phase during the flat-top phase, the pulse-to-pulse stability of the field,
and the field flatness. All these measures were recorded as function of loop gain.
The slope of the amplitude and phase during the flat-top phase were calculated
by a polynomial fit of 3rd order (Fig. 6.20) and subtracted from the field. The
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Figure 6.17: Spectra of cavities 2 and 8; cavity probe signal is connected to the
detector. The spectral line close to the carrier at 27MHz is the 8/9π-mode, which
is 800 kHz below the carrier.
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Figure 6.18: Rms amplitude and phase stability of the detected cavity probe
signal during the flat-top phase for a detection bandwidth of 9MHz (solid) and
of 1MHz (dashed)
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Figure 6.19: The oscillation of the 8/9π-mode is still present on the amplitude
and phase of the cavity field for a detection bandwidth of 1MHz.

standard deviation of this difference yielded the high frequency rms fluctuations.
The amplitude noise was normalized to the mean value of the flat-top phase am-
plitude. The field flatness was calculated by the difference between the maximum
and the minimum of the amplitude and phase during the flat-top phase, while
the pulse-to-pulse fluctuations were determined by the variance of the flat-top
mean values measured from pulse-to-pulse. The rms fluctuations are mainly high
frequency noise from the actuator, MO, and detector. The main contribution
is from the MO and detector, because the actuator noise is filtered by the cav-
ity. The field flatness is affected by the Lorentz force detuning, which leads to
a time and gradient dependent detuning during the pulse. The pulse-to-pulse
fluctuations are caused by microphonics.

For the single cavity, a maximum loop gain of 40 was observed. It was limited
due to instabilities in the control loop. The spectrum of the amplitude and
phase (Fig. 6.21) at the maximum gain value shows the excited and increased
8/9π-mode. The updated rate of the controller is set to 1MHz. The 8/9π-
mode is aliased from 820 kHz down to 180 kHz. As depicted in Fig. 6.22, the
rms fluctuations are affected by the excited oscillation of the 8/9π-mode. They
increase for higher loop gain. For a moderate gain value of up to 20, the rms field
fluctuations are

(
∆A

A

)

rms

= 2 · 10−4 ∆ϕrms = 3 · 10−4 rad.

The amplitude of the 8/9π-mode in the spectrum of -63 dBFS leads to an rms
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Figure 6.20: Amplitude and phase of cavity no. 1 with polynomial fit in order to
determine high frequency rms noise and field flatness.
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Figure 6.21: Spectrum of the vectorsum during the flat-top phase for maximal
gain value of 40; 8/9π-mode is visible and reason for an increased rms value. The
8/9π-mode is aliased from 820 kHz down to 180 kHz.
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Figure 6.22: Measured rms field stability of cavity 6 as function of loop gain at a
detection bandwidth of 1MHz.
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fluctuation of approximately 7 · 10−4 at a loop gain of 40 which is visible in Fig.
6.22. For the field flatness (Fig. 6.23), a value of 1.3 · 10−3 for the amplitude and
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Figure 6.23: Measured field flatness of cavity 6 as function of loop gain

4·10−3 rad for the phase were reached, while for a loop gain of 20 the corresponding
values are

(
∆A

A

)

f f

= 2.8 · 10−3 ∆ϕf f = 8 · 10−3 rad.

The fluctuation of the field flatness is caused by the Lorentz-force detuning, which
is a repetitive error. It can be reduced by applying an adaptive feedforward [9]
[10].

As mentioned before, the pulse-to-pulse fluctuations are caused by microphon-
ics. These fluctuations can only be suppressed by feedback. They were suppressed
down to 0.9 · 10−4 for the amplitude and 3.3 · 10−4 rad for the phase (Fig. 6.24).
For a stable loop gain of 20, the corresponding values are

(
∆A

A

)

p2p

= 2.4 · 10−4 ∆ϕp2p = 7.3 · 10−4 rad.

As described in section 3.3, the measured rms field stability is only an upper
boundary of the real rms stability of the cavity field. Due to the small bandwidth
of the cavity, the noise of the detector limits the resolution.

Slow changes in the field (pulse-to-pulse stability and field flatness), induced
by Lorentz force detuning and microphonics, are measurable and can be sup-
pressed by the feedback loop.
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Figure 6.24: Measured pulse-to-pulse stability of cavity 6 as function of loop gain

6.2.3 Vectorsum Control

Finally, the vectorsum of eight cavities was detected and controlled. Before con-
trolling a vectorsum of eight cavities, it has, however, to be calibrated.

Vectorsum Calibration

As described in section 3.6, the measured vectorsum does not correspond to the
real vectorsum. Due to different cable lengths and variations of the detector gain,
each amplitude and phase of the measured field vectors are different. Due to time
dependent detuning induced by microphonics, these measurement errors lead to
time dependent errors which limit the quality of field control. Additionally, for a
certain constellation of the phases of the measured field vectors, the control loop
already becomes unstable at small loop gain values. It is sufficient, if the ratio of
the measured field vectors are equal to the ratio of the real field vectors. There
is no need of absolute accuracy.

Two methods of vectorsum calibration will be presented and used. The first
one is a coarse method, which is used to guarantee equal measured phases of
each field vector with an accuracy of ∆ϕcal = ±10◦. It is used to get stable
feedback loop operation. The amplitudes of the field vectors are assumed to be
equal. In the ACC1-module, which was used for the detector tests, four cavities
are operating at half of the gradient compared to the other four. This leads to
an amplitude calibration error of (∆A/A)cal = 50%. Based on the calculations in
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[9], the measurement accuracy of the vectorsum reads
(

∆A

A

)

VS

= 1 · 10−3 ∆ϕVS = 1 · 10−2 rad

for average microphonics of 10Hz present at ACC1. The second method is de-
scribed in detail in [8] and [9]. For this method, an electron beam with high beam
loading (up to 4 nC and 30 bunches) is needed. The beam induces a transient of
the field vector of each cavity in amplitude and phase. It is assumed, that the
absolute transient of each cavity is equal. The calibration is based on measur-
ing this transient in amplitude and phase and then calculating the ratio of the
transient and the field vector of each cavity. The complex calibration factors are
derived by these ratios. This beam based method leads to a calibration error of
0.5◦ in phase and 1% in amplitude. The resulting measurement accuracy is the
required

(
∆A

A

)

VS

= 1 · 10−4 ∆ϕVS = 1 · 10−4 rad.

The determined calibration coefficients for the new detector are presented in Tab.
6.1. The calibration is based on the ratios of the field vectors against that of cavity
1, which is used as reference.

CH1 CH2 CH3 CH4 CH5 CH6 CH7 CH8
Acal 1 0.97 0.93 0.96 1.84 1.7 1.25 2.0
ϕcal [deg] 0 -16.3 -5.5 8.4 14.0 -23.7 26.3 0.4

Table 6.1: Calibration coefficients of the vectorsum based on the high beam
charge transient method.

Vectorsum Results

The rms fluctuations, the pulse-to-pulse stability, and the field flatness are de-
termined as function of the loop gain. For the vectorsum of eight cavities, a
maximal loop gain of 170 was achieved. In the spectra of amplitude and phase
(Fig. 6.25), the excited 8/9π-mode is visible, which limits the achievable loop
gain. Fig. 6.26 shows the rms field stability of the vectorsum. The amplitude
fluctuation is slightly affected by the loop gain and reads

(
∆A

A

)

rms

= 1 · 10−4

at a loop gain of 90, while the phase fluctuation is fixed to

∆ϕrms = 2 · 10−4 rad.
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Figure 6.25: Spectrum of flat-top phase for maximal gain value of 170; 8/9π-mode
is visible and the reason for increased rms value.

These results are close to the required field stability of 10−4 in amplitude and
phase. For higher gain values, the fluctuations increase, due to the excited 8/9π-
mode. In comparison with the single cavity feedback, a four times higher loop
gain can be reached. An explanation could be a destructive interference of the
eight 8/9π-modes of the single cavities.
For a loop gain of 90, the field flatness (Fig. 6.27) can be reduced to a value of

(
∆A

A

)

f f

= 2.3 · 10−4 ∆ϕf f = 1.3 · 10−3 rad.

For further improvement of the field flatness, an adaptive feed forward has to be
applied. The pulse-to-pulse stability (Fig. 6.28) reaches

(
∆A

A

)

p2p

= 1.3 · 10−5 ∆ϕp2p = 7 · 10−5 rad.

6.2.4 Beam Based Stability Measurement

As shown in the previous section, the measured rms and pulse-to-pulse stability
of the controlled vectorsum meets the specification, except for the rms phase. For
an improvement of the field flatness, an adaptive feed forward can be applied.

As mentioned before, the measured vectorsum differs from the vectorsum seen
by the beam because of the calibration errors. To evaluate the actual quality
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Figure 6.26: Measured rms field stability of vectorsum as function of loop gain
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Figure 6.27: Measured field flatness of vectorsum as function of loop gain
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Figure 6.28: Measured pulse-to-pulse stability of vectorsum as function of loop
gain

of the vectorsum control, methods of beam diagnostics have to be used. For
this purpose, the stability of the beam energy is measured. Before the first
bunch compression section (BC2), the energy spread of the beam is strongly
dependent on the stability of the controlled vectorsum in the first accelerating
module (ACC1). From Eqn. 3.74, the contribution of the amplitude and phase
jitter of the vectorsum to the beam is dependent on the beam phase. For on-
crest acceleration, only the amplitude jitter induces an additional energy spread
to the beam, while for off-crest acceleration, also the phase jitter contributes to
the energy spread. The method of measuring the energy spread is described by
[41]. It uses the effect of the energy dependent deflaction of the electron beam by
a magnetic field. The bunch is projected on a luminescent screen and recorded
by a camera. By the energy dependent deflection of the beam, the position of
the beam spot on the screen is dependent on the beam energy. With this method
it is only possible to measure the pulse-to-pulse stability of the beam. For the
measurement of the bunch-to-bunch stability, the method described in [28] can
be used, which was not available during these tests.

The first measurement was done with coarse vectorsum calibration described
before (section 6.2.3). For the second measurement, a beam based vectorsum
calibration was used. The results of the measured energy stability are plotted in
Fig. 6.29. For comparison, a measured energy stability is plotted, where the vec-
torsum were controlled by the old IQ sampling scheme with 250 kHz IF (Section
4.2.3). The first measurement with the coarse vectorsum calibration shows a gain
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Figure 6.29: Measured energy spread ∆E/E as function of loop gain.

dependency with an optimum at gain of 70. The value of (∆E/E)p2p = 5.9 · 10−4

is 3 times higher than with the old system. The reason is the unsufficient vec-
torsum calibration. With the coarse calibration method, the calibration errors
are ∆ϕcal = ±10◦ and (∆A/A)cal = 50%. This leads to an energy spread of
(∆E/E)p2p = 6 · 10−4 for a beam phase uncertainty of ϕb = ±5◦ and micro-
phonics of 6Hz.

In the second measurement after the beam based vectorsum calibration, the
stability is improved by a factor of 2 to read (∆E/E)p2p = 3.8 · 10−4 for a loop
gain of 20. But there is no real gain dependency visible and the stability is still
worse compared to the stability reached with the old system, except for lower
gain values.



Chapter 7

Conclusion and Outlook

In this thesis, a multichannel RF field detector, based on an IF sampling scheme,
has been developed and tested in the control loop of the LLRF system at FLASH,
in order to control the vectorsum of eight superconductive cavities. The purpose
of this investigation has been the development and evaluation of a new RF field
detector and detection scheme for the vectorsum control.

Simulations have been performed with a predefined model to analyze the noise
transport and behaviour of the control loop. For the model, uniform parameters
for the noise description of the subsystems of the LLRF system have been com-
posed. The noise contribution of each component of the LLRF system to the
stability of the cavity field and the energy stability of the accelerated electron
beam has been investigated. The simulation results have shown that the high
frequency noise contribution (above 10 kHz) of the detector is irrelevant for the
stability of the cavity field, because of the small bandwidth of the cavity. The
high frequency noise of the detector limits the accuracy of the detector output
signal, which is used for monitoring the achieved field stability. A gain depen-
dency of the induced beam energy spread was observed, at which the minimum
was bounded by the actuator noise contribution (for low gain values) and by the
detector noise contribution (for high gain values). For the contribution of the
residual phase noise of one LLRF system to the beam energy spread, the band-
widths of all operating systems in the accelerator, which act on the beam, have
to be considered. The fastest system with the highest locking bandwidth to the
MO is the reference for all other systems.

In the context of the vectorsum control, requirements for the calibration of
the field vectors and the linearity of the field detectors had to be derived. The
requirements of the vectorsum calibration are treated and discussed in many
theses and lead to a maximum allowable calibration error of 1% in amplitude and
0.5◦ in phase. Both values have been overtaken here for the maximum tolarable
amplitude and phase compression error. In the future, a measurable and reliable
verification for the linearity requirements related to the vectorsum calibration
should be done.
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The first ansatz for the development of a new RF field detector was founded on
a new modulation scheme of the IF (IF sampling), which allows to reduce the high
frequency noise contribution of the detector by averaging and thereby improves
the monitor signals. Because of the usage of a high level passive mixer, the 1/f-
noise and the broadband noise were reduced. Initially, the linearity requirements
of the detector were subordinated in favor of a better signal-to-noise ratio. The
new IF modulation scheme allows to simplify the diagnostics of the IF signal by
measurement techniques. With the new modular design and the new packaging,
the influence of the before existing separation of the RF front-end and the ADC
had to be investigated in terms of crosstalk and electromagnetic interference.
Additionally, the platform was planned to be expandable for additional systems
(bunch arrival time monitor, beam position monitor, etc.) and to be used as test
environment for further prototyping.

The features of the developed RF field detector have been measured in the
laboratory and at the accelerator. The detector has been used as multichan-
nel detector for the vectorsum control. The required measurement accuracy of
10−4 in amplitude and phase for a measurement bandwidth of 1MHz has been
achieved for single channel tests in the laboratory. The specifications have not
been reached for all eight channels in the multichannel application in the ac-
celerator environment. The stability measurement of the controlled vectorsum
showed the predicted gain dependency of the pulse-to-pulse stability, while the
rms stability was limited by the high frequency noise of the detector. The mea-
surement of the energy spread showed higher fluctuations of the beam energy
than the stabilized vectorsum would suggest. This indicates additional measure-
ment errors. Until now, the available methods of beam diagnostics are limited to
measure the pulse-to-pulse stability of the beam energy. Hence it follows, that the
low frequency noise of the detector from 1Hz to 1 kHz is critical for the stability
of the vectorsum control. Furthermore, calibration errors of the vectorsum lead
to additional measurement errors. In further measurements, the influence of the
detector linearity on these errors should be investigated.

According to the simulation, the induced energy spread is dependent on the
gain. These results were confirmed by measurements with the old modulation
scheme (IQ-sampling with switched LO). The gain dependency of the induced
energy spread is due to the separation of the contribution of the LLRF system in
an actuator and detector part.

The application of the new modulation scheme enables simplified diagnostics
of the IF signal, but requires a complex LO generation set-up. This set-up is
sensitive to phase drift caused by temperature changes. These phase drifts are
responsible for disturbances of the vectorsum control. They cannot be reduced to
the required value by temperature stabilization. One needs a drift compensation
scheme, which can be additionally used for compensation of phase drifts in cables,
e.g. from the cavity pickup to the detector, and for compensation of phase drifts
of the detector itself.
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